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Abstract
This dissertation deals with the development of an auto-calibrated receiver
at W-band for Passive Millimetre-Wave imaging applications. The proposed
receiver has three main characteristics. Firstly, its differential configuration
allows performing the internal calibration of the system. As opposed to total
power receivers, this configuration reduces the effect of receiver instabilities.
Secondly, it is entirely built in planar technology. As a consequence, a
broadband planar antenna could be included in the same substrate resulting
in a compact and light receiver. And finally, the W-band auto-calibrated
receiver is based on a direct detection scheme which makes it simpler extending
the number of receivers. Moreover, it uses commercially available low loss
dielectric substrate and MMIC devices such as low noise amplifiers and
detectors.
This dissertation tackles all the required steps for the development of
the W-band auto-calibrated receivers. Firstly, the theoretical analysis of the
differential configuration was done highlighting its main advantages. Once
this configuration was analyzed, the design of its W-band planar components,
i.e. a quadrature hybrid coupler, WR10 waveguide to microstrip transition
based on an E-plane probe and Vivaldi antenna fed by a slotline to microstrip
transition, and the selection of the MMIC devices, i.e. low noise amplifier,
reference load and detector, were carried out. Then, the analysis of the real
configuration of the receiver was accomplished, identifying the effect of each
component on its performance.
After finishing the design, the proposed components were characterized.
This process includes, as first step, the analysis of the dielectric constant and
loss tangent of several substrates in order to determine their properties in
the W-band. Afterwards, an inline WR10 waveguide to microstrip transition,
required to characterize multiple planar devices at W-band frequencies with
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iv
waveguide based measurement equipment was designed, manufactured and
validated. This was the basic block used to characterize the manufactured
components. Once the performance of these components was verified, the
packaging metal block was designed and manufactured. It includes an
innovative solution, based on a pin surface, in order to avoid the propagation
of undesired modes, which can penalize the performance of the planar
receiver. The experimental results prove the suppression of these cavity modes.
Finally, the complete W-band auto-calibrated receiver was assembled and
characterized in terms of input reflection coefficient, dynamic range, RF-DC
response, effective bandwidth and equivalent noise temperature.
This dissertation was carried out into the frame of the project “Desarrollo
de Receptores en banda sub-milime´trica para aplicaciones de seguridad” which
was focused on the development of a millimetre wave range imaging camera
for security applications. This project, led by the company Alfa Imaging,
was funded by the Spanish Ministry of Science and Innovation under contract
IPT-2011-0960-390000.
Resumen
En esta Tesis se ha desarrollado un receptor autocalibrado en banda W para
aplicaciones de captacio´n de ima´genes de manera pasiva en ondas milime´tricas.
El receptor propuesto en esta Tesis tiene tres caracter´ısticas principales.
La primera es que el receptor consta de una configuracio´n diferencial que
realiza internamente la calibracio´n del sistema. Adema´s, a diferencia de los
receptores de potencia total, esta estructura es capaz de eliminar los problemas
relacionados con las inestabilidades producidas por alguno de los componentes
del receptor, como por ejemplo los amplificadores de bajo ruido. La segunda
caracter´ıstica es que el receptor esta´ completamente disen˜ado en tecnolog´ıa
plana. Por lo tanto, una antena plana de banda ancha tipo Vivaldi puede ser
integrada con el resto de componentes obteniendo un receptor ma´s compacto
y ligero que aquellos que utilizan componentes en gu´ıa de onda. Finalmente,
el receptor esta´ basado en deteccio´n directa, lo cua´l simplifica el extender el
nu´mero de receptores. Ade´mas, el receptor propuesto en banda W utiliza un
sustrato comercial de bajas pe´rdidas y dispositivos MMIC comerciales, como
por ejemplo amplificadores de bajo ruido y detectores.
Esta Tesis aborda todos los pasos necesarios para el desarrollo de receptores
autocalibrados en banda W. Primero, se lleva a cabo un ana´lisis teo´rico de
la configuracio´n diferencial del receptor destacando sus principales ventajas.
Una vez que el funcionamiento de la estructura balanceada del receptor
ha sido analizado, se realiza el disen˜o de sus componentes microstrip y se
explica la seleccio´n de sus dispositivos commerciales MMIC. Por un lado,
los componentes microstrip que se disen˜an son el h´ıbrido en cuadratura, la
transicio´n de gu´ıa de onda WR10 a microstrip basada en una sonda de plano
E y la antena Vivaldi alimentada por una transicio´n de tecnolog´ıa slotline a
microstrip. Por otro lado, los dispositivos MMIC que se seleccionan son los
amplificadores de bajo ruido, la carga de referencia y los detectores. Despue´s,
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se ha analizado por simulacio´n el receptor tratando de identificar el efecto de
cada uno de sus componentes reales en su funcionamiento.
Despue´s de finalizar los disen˜os, los componentes propuestos son caracter-
izados. El primer paso de este proceso es el ana´lisis de la constante diele´ctrica
y la tangente de pe´rdidas de varios sustratos para determinar sus propiedades
en la banda W. A continuacio´n, se disen˜a, fabrica y valida una transicio´n
en l´ınea de gu´ıa de onda WR10 a microstrip necesaria para caracterizar los
componentes planos del receptor con el equipamiento de medida basado en
gu´ıa de onda en banda W. E´ste es el bloque ba´sico utilizado para caracterizar
los componentes fabricados, por ejemplo, el h´ıbrido en cuadratura, la antena
Vivaldi y la carga de referencia. Una vez que sus funcionamientos han sido
verificados, se ha llevado a cabo el disen˜o y fabricacio´n del bloque meta´lico que
contiene todos los componentes del receptor, incluyendo los circuitos DC nece-
sarios para alimentar los amplificadores y adecuar las sen˜ales de salida. E´ste
bloque meta´lico incluye una solucio´n innovadora, basada en una superficie de
pines, para evitar la propagacio´n de modos de cavidad que pudieran degradar
el funcionamiento del receptor. Los resultados experimentales corroboran la
supresio´n de estos modos de cavidad. Finalmente, el receptor autocalibrado en
banda W ha sido fabricado, montado y caracterizado mediante la medida de
su coeficiente de reflexio´n de entrada, su rango dina´mico, su respuesta RF-DC,
su ancho de banda equivalente y su temperatura equivalente de ruido.
Esta Tesis ha sido realizada dentro del marco del proyecto “Desarrollo
de Receptores en banda submilime´trica para aplicaciones de seguridad” cuyo
objetivo es el desarrollo de una ca´mara de imagen en ondas milime´tricas para
aplicaciones de seguridad. Este proyecto, liderado por la empresa espan˜ola
Alfa Imaging, fue financiado por el Ministerio Espan˜ol de Ciencia e Innovacio´n
bajo el contrato IPT-2011-0960-390000.
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Chapter 1
Introduction
1.1 Background: Passive Millimetre-Wave Imaging
Passive millimetre-wave (PMMW) imaging is a method of forming images
by means of the passive detection of naturally occurring millimetre-wave
radiation from a scene [1]. Its interest is based on two reasons: the
availability of new sensor technology which allows PMMW imaging at video
rates and the ability of forming images in a variety of low-visibility conditions,
during the day or night, in clear weather or even through certain materials.
These advantages are useful for a wide range of applications. Examples
of these are military imaging missions (surveillance, precision targeting,
navigation, aircraft landing, refuelling in clouds, search and rescue, metal
detection in a cluttered enviroment, and harbor navigation in fog), civilian
missions (commercial aircraft landing aid in fog, airport operation in fog,
harbor surveillance, highway traffic monitoring in fog, and concealed weapons
detection in airports and other locations), bio-medicine (pharmaceuticals,
biopsies, imaging. . . ) and materials research (spectroscopy, surface analysis,
solid state reactions, inspection of foams, ceramics, plastics. . . ). In addition,
like visible and infrared (IR) sensors, the PMMW sensors do not emit any
discernible and detrimental radiation, as opposed to radar and lidar.
Examples of passive imaging sensors are the human eye and the IR sensors.
The human eye responds to the scattered light by seeing different colours
because the spectral radiation of the objects when the sun is radiating, at
about 6000 K, is concentrated in the visible range, see Fig. 1.1 b). However,
1
2 1.1 Background: Passive Millimetre-Wave Imaging
(a) (b)
Figure 1.1 – a) Frequency spectrum and b) the effect of fog on the blackbody
radiation intensity of the sun (6000 K) and a ground object (∼ 300 K) as a
function of wavelength. Curves are shown both for objects without fog and with
the effect of 1 km of fog.
IR sensors are required to make night vision feasible in absence of sunlight. The
THz region, which includes millimetre, i.e. 30-300 GHz, and sub-millimetre
wave ranges, i.e. 0.3-10 THz, as can be seen in Fig. 1.1 a), allows formation of
images under low-visibility conditions, such as fog, rain, clouds or dust storms,
both during the day and night, because the spectral radiation of the objects
under these conditions is located in this frequency range.
The propagation of electromagnetic waves in the THz regime is affected
by the attenuation produced by the continuum and resonant absorption of
various atmospheric constituents such as water, oxygen, nitrogen, carbon
dioxide or ozone. Whereas in the IR range the waves are strongly attenuated
in the presence of fog, in the millimetre and sub-millimetre regimes they are
mainly attenuated by the water vapor, as can be seen in Fig. 1.2. However,
propagation windows exist in the millimetre wave range at 35, 94, 140 and
220 GHz, in which the attenuation is relatively modest in clear weather and
fog [1], [2]. Moreover, it is merely affected by sun or artificial illumination.
Therefore, millimetre waves are the best candidate for imaging in most low
visibility conditions during the day or night. As a matter of fact, taking into
account these frequency windows in which the attenuation is relatively small,
many receivers have been developed for applications such as radar [3] - [6] and
communication systems [7] - [9].
PMMW imaging is feasible in the millimetre wave range because the
objects reflect and emit passive radiation just as they do in the IR and visible
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Figure 1.2 – The attenuation of millimetre waves by atmospheric gases, rain
and fog [1].
regimes. This radiation is related to the emissivity of its physical temperature,
the reflectivity of the illumination temperature and the transmission of the
background temperature. Therefore, every object emits an specific radiation
and it can be detected unequivocally in the millimetre wave regime [10] - [12].
Furthermore, the millimetre wave sensors are non-ionising and consequently
harmless. They offer a good penetration depth (∼ cm) which makes the
detection of hidden objects feasible and also high sensitivity. The limitation
of PMMW imaging is that its image resolution (∼ mm) is worse than in
the IR and visual ranges. Conversely, it can be improved by increasing the
aperture size of the receiver optics or the operating frequency. Therefore, the
selection of the propagation window is crucial and depends on the application
requirements.
1.1.1 Applications
A wide range of applications have been reported taking advantage of the
possibility of ”seeing” under low-visibility conditions [13] or through certain
materials such as paper, plastics, wood, leather, hair and even dry walls
with little attenuation [14], [15]. These PMMW applications can be classified
into three groups: applications focused on defence and security [16] - [31],
astrophysics [32] - [35] and agriculture [10]- [11].
4 1.1 Background: Passive Millimetre-Wave Imaging
(a) (b)
Figure 1.3 – Examples of reconnaissance and surveillance applications of
PMMW imaging: Detection of a) an aeroplane C-17 and b) roadways and
buildings through clouds [1].
Within defence and security applications, which take advantage of the
PMMW ability of seeing under low-visibility conditions, we can find poor
weather navigation, aircraft landing and guidance, search and rescue, ground
navigation, drug interdiction, beacon detection, oil-spill detection, monitoring
volcano activity through smoke, control of vehicular traffic through smoke and
smog inside the galleries, perimeter surveillance of harbours, docks and other
designated areas and reconnaissance and surveillance by detecting ship wakes,
low-radar cross-section boats, critical mobile and other targets. In Fig. 1.3,
images taken by a PMMW imaging camera mounted on a Twin Otter [1], are
superimposed on the corresponding visible-light images. Fig. 1.3 a) shows an
aeroplane C-17 which is resolved from an altitude of 900 m. In this PMMW
image, black colour shows colder objects such as metals. In this way, roadways
and building have been imaged through a cloud bank, from an altitude of
580 m, see Fig. 1.3 b).
Other example of defence and security applications of PMMW imaging is
related to the detection of hazardous objects hidden under clothes or certain
materials. This includes weapons or guns [21] - [26], explosives [27] - [30]
and chemical components [31]. For instance, Fig. 1.4 shows the detection of
a gun using PMMW imaging at 94 GHz. Indeed, Fig. 1.4 a) [25] shows an
outdoors PMMW image of a man carrying a gun in a bag whereas a man with
a gun concealed under his clothing is indoors imaged in Fig. 1.4 b) [26]. As
Chapter 1. Introduction 5
(a)
Figure 1.4 – Example of defence and security applications of PMMW imaging
related to the detection of a gun at 94 GHz: a) Outdoors PMMW image of a
man carrying a gun in a bag [25] and b) indoors PMMW image of a man with a
gun concealed under clothing [26].
can be seen, images acquired indoors present less contrast than those acquire
outdoors.
In addition, a PMMW camera is useful in astrophysics applications. An
example of that is the exploration of the Cosmic Microwave Background
(CMB) carried out by the ESA’s Planck mission [35], see Fig. 1.5. In this
Figure, sky maps of the cosmic microwave background at the nine operating
frequencies of the Planck mission, i.e. 30, 44, 70, 100, 143, 217, 353, 545
and 857 GHz, are shown. The combination of this collected data is crucial to
achieve an optimal reconstruction of the foreground signals in order to subtract
them and reveal the underlying Cosmic Microwave Background.
One example of PMMW applications related to agriculture includes the
detection of the water content of farming fields [10]- [11] which can determine
the necessity to be watered.
6 1.1 Background: Passive Millimetre-Wave Imaging
Figure 1.5 – All-sky maps of the cosmic microwave background at Planck
mission nine different frequencies [35].
1.1.2 Commercial PMMW cameras
The commercial PMMW cameras, which have been developed mainly focused
on defence and security applications, are described in Table 1.1. Note that
most of them work at a frequency range centred at 94 GHz.
The receivers used in these PMMW cameras at W-band are based on direct
detection mainly due to the availability of Monolithic Microwave Integrated
Circuits (MMIC) devices such as low noise amplifiers and detectors and
also low loss dielectric substrates which minimize the dielectric losses of the
receivers. This last feature decreases the noise temperature of the system
and, consequently, it improves the sensitivity or resolution of the receivers.
Some research groups work in the development of low noise amplifiers with
higher operating frequency such as Fraunhofer Institute for Applied Solid
State Physics (IAF) which presented a low noise amplifier working up to
600 GHz [43]. However, low noise amplifiers are commercialised up to 160 GHz
by OMMIC [44] and up to 140 GHz by Northrop Grumman [45]. For higher
frequencies, heterodyne receivers must be implemented.
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Table 1.1 – Commercial PMMW cameras.
Company Product Frequency Stand-off
(GHz) distance
Alfa Imaging [36] A3S 80− 100 2− 20 m
Digital Barriers [37] TS4 250 3− 10 m
TS5 250 6− 20 m
Microsemi [38] AllClear 100− 200 ∼ cm
(Brijot) Gen2 80− 100 ∼ 1m
MobileScan 80− 100 ∼ 1m
Millivision [39] X250 80− 100 −
S350 − Portal area
Walk-by-System 350 − ∼ 7m
Stand-off System 350 − 3− 4 m
Rapidscan Systems [40] Wave Scan 200 80− 100 −
Trex Enterprises [41] Sago ST-150 94 ∼ 5m
(Sago Systems)
Qinetic [42] SPO-7 − 14 m
SPO-20 94 20 m
SPO-30 90 5− 30 m
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Figure 1.6 – Total power receiver.
1.1.3 Types of receivers
In this Section, different configurations of receivers are explained starting with
the total power receiver. It is the simplest structure and the most commonly
used. The main problem of this basic receiver structure is related to the gain
and noise fluctuations of the amplifiers which strongly penalize its sensitivity.
Therefore, other receiver configurations have been proposed in order to cope
with this problem. The main configurations which remove the effect of receiver
instabilities are Dicke receiver, differential receiver and correlation receiver.
In order to generalised this explanation, heterodyne receivers based on
these configurations are shown. However, as mentioned, the use of a mixer
and local oscillator are not required at those frequency ranges in which direct
detection is feasible, such as W-band.
1.1.3.1 Total power receiver
The total power receiver is the simplest configuration, see Fig. 1.6, and it is
considered as the basic receiver [46]. Many characteristics of more complex
receiver configurations can be deduced from the corresponding total power
receiver. The antenna couples the RF signal to the receiver and is amplified
by a low noise amplifier. Next, the mixer down-converts this RF signal with a
local oscillator (LO) producing an output signal at an intermediate frequency
(IF). This IF signal is then amplified and finally, it is detected by a square law
detector whose output DC voltage is directly proportional to the input noise
power. In this receiver, it is assumed that the amplifier is linear with constant
gain and its bandpass characteristic is rectangular.
Considering the effective noise temperature of the antenna radiation
resistance as TA in K, its noise power per unit bandwidth is given by kTA,
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where k is Boltzmann’s constant, i.e. 1.38 × 10−23J/K. Hence, the antenna
noise power in watts is NA = kTABHF in which BHF stands for the high
frequency bandwidth in Hz.
The receiver itself adds noise to the system owing to the thermal and shot
noise in the receiver components and also due to losses in the transmission
lines which connect the different components of the receiver. Usually, the high
frequency gain, GHF , is high enough and the system noise temperature of the
receiver in the antenna port is defined by its first components. Therefore, it
is important to use short transmission lines with low losses in order to obtain
receivers with low noise temperatures. Anyway, the system noise power at the
antenna terminal is:
NSN = NA +NR = k(TA + TR)BHF (1.1)
and the system noise temperature referred to the antenna terminals is
TSN = TA + TR, where TR is the receiver noise temperature. From now on,
the receiver will be taken into account without the antenna in order to compare
the proposed receiver in this dissertation with some commercial systems using
the same standard horn antenna. Therefore, the receiver noise temperature
will be considered as the system noise temperature, i.e. TSN .
It is important to know that the input power of a receiver consists of
broadband noise whose statistics features do not differ from the originated
noise of the receiver itself or from the coupled noise through the antenna.
Therefore, levels of input signals below the receiver noise temperature are
concealed and they are undetectable. In passive systems it is essential to
minimize the noise contribution of the receiver in order to be able to detect
small differences in the total noise.
Considering the signal noise temperature or change in antenna temperature
to be measured, i.e. ∆T , the output power of the RF amplifier is:
NHF = GHF k (TSN +∆T )BHF (1.2)
NHF is the input power of the detector taking into account direct detection.
The DC output voltage of the detector, i.e. VD+∆V , is directly proportional
to the input power:
VD +∆V = βGHF kTSNBHF + βGHF k∆TBHF (1.3)
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In which β is the sensitivity of the detector. High amplification of ∆V
is required to obtain a detectable output signal because ∆V ≪ VD. In
order to make this amplification easier, the voltage VD is cancelled by a DC
voltage −VD in the post-detection section of the receiver. Therefore, ∆V is
the output signal voltage from the detector. Hence, the output signal power
of the detector is:
Wdet = G
2
HFβ
2 (k∆TBHF )
2 = C (k∆TBHF )
2 (1.4)
Where C is a constant. In addition to ∆V , a noise voltage also exists at the
detector output. The low frequency components of this voltage from DC to
BHF are due to different IF noise voltage components in the frequency range
from fIF − BHF/2 to fIF + BHF/2 beating with each other in the detector.
The resulting low frequency power spectrum is triangular shaped, because the
number of IF noise voltage components giving a certain noise component at
frequency fLF , which varies from DC to BHF , is proportional to BHF − fLF .
Taking into account ∆T ≪ TSN , the maximum low frequency power density
close to zero frequency is [47]:
WLFmax = 2C (kTSN )
2BHF (1.5)
In the post-detection section, the detector output voltage is filtered through
a low pass filter amplifier in order to reduce fluctuations. This filter has an
effective bandwidth BLF much smaller than BHF . If the low pass filter has a
rectangular passband from zero to BLF and a power gain GLF , the fluctuating
noise power output is:
WLF = GLF 2C (kTSN )
2BHFBLF (1.6)
And the corresponding signal power due to the noise temperature ∆T is:
W = GLFC (k∆TBHF )
2 (1.7)
The sensitivity or receiver resolution is the minimum variation of
temperature that the receiver is capable of detecting and it is referred to
∆Tmin. The sensitivity is defined as the signal noise temperature ∆Tmin which
produces a receiver DC output power, i.e. W , equal to the noise output power,
i.e. WLF :
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∆Tmin = TSN
√
2BLF
BHF
=
TSN√
BHF τLF
(1.8)
As mentioned, BLF is the equivalent bandwidth of the low pass amplifier.
In particular, an ideal integrator with an integration time τLF = 1/2BLF can
be used as a low pass filter.
As can be seen in Equation 1.8, the sensitivity of the receiver increases
by increasing the pre-detection bandwidth, i.e. BHF , and the equivalent
integration time, i.e. τLF , and by decreasing the system noise temperature
of the receiver, i.e. TSN . On the one hand, BHF is mainly limited by
the bandwidth of the amplifiers, mixer and detectors. On the other hand,
increasing the integration time beyond certain limits is undesired since it
increases the scanning time of an image.
In order to obtain the previous equation of the sensitivity of the receiver,
the gain of the amplifiers has been considered constant along the entire
frequency band. However, this is not true in practice. As a matter of fact,
gain variations can be produced by bias voltage variations and by ambient
temperature fluctuations. Moreover, the sensitivity in this type of receivers is
seriously penalised by gain fluctuations in the amplifiers, variations of the noise
figure and of the bandwidth of the receiver. As a consequence, the receiver is
not able to distinguish between the increase in signal power and the increase
due to these factors. If the gain fluctuations are considered in the analysis of
the sensitivity of the receiver, the following equation is obtained [46]:
∆Tmin = TSN
√(
1
BHF τLF
)2
+
(
∆G
G0
)2
(1.9)
Where ∆G is the effective value of the RF gain fluctuations of the receiver
and G0 corresponds to the average RF gain of the receiver. As can be seen,
output fluctuations due to gain variations are independent of the fluctuations
resulting from the receiver noise. In practice, the term related to gain
fluctuations is the main term of the sensitivity. Therefore, there are two
main options in order to obtain high sensitivity, either the implementation of
a gain stabilization method [48], [49] in total power receivers or the use of other
receiver configuration which copes with the effect of receiver instabilities.
Taking into account receivers based on direct detection, several total power
receivers have been proposed working at 35 [50]- [52] and 94 GHz [53]- [65].
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(a) (b)
Figure 1.7 – Photographs of the commercial total power receivers at W-band
by a) Farran Technologies [64] and b) Anteral [65].
Some examples are shown in Table 1.2. The comparison between receivers in
terms of sensitivity is difficult because in some articles the integration time is
not specified. Moreover, the receiver instabilities are not taken into account in
the calculation of these sensitivities. In spite of these, their sensitivities are at
least below 1 K. Note that receivers require to detect temperature changes as
small as 0.5 K to obtain a good image quality in low contrast environments,
e.g. indoors [66].
With respect to the proposed total power receivers working at 94 GHz,
some of them are those used in the PMMW cameras commercialised by Trex
Enterprises [54], Millivision [55], Brijot [59], Alfa Imaging [61] and Qinetic [62].
Furthermore, the last two total power receivers shown in the Table [64], [65] are
currently commercialised packaged in a metal module with WR10 waveguide
input as can be seen in Fig. 1.7.
1.1.3.2 Dicke receiver
Dicke [67] introduced the use of the modulation principle in order to remove
the effect of receiver instabilities. Fig. 1.8 shows the most basic structure of
a Dicke receiver in which the main change is the introduction of a switch at
the input port of the system. This switch commutes between the antenna and
a reference load at a frequency rate high enough to ensure that the gain is
constant in this period of time. Then, the effect of these gain fluctuations can
be removed by using a multiplier or a phase detector which is synchronised
with the switch and in opposite phase to the integrator.
The sensitivity of a Dicke receiver is given by [46]:
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Table 1.2 – Published performances of several total power receivers based on
direct detection.
Authors Frequency Sensitivity τLF
affiliation (GHz) (ms)
SRC “Iceberg” 33-38 0.31 K 1
[50]
Qinetic 35 0.28 K -
[51]
Tohoku 30-40 1 K -
University [52]
TUBITAK-MRC 90-100 0.67 K 1
[53]
Trex 75-93 2-3 K -
Enterprises [54]
Millivision 80-100 0.36 K 1
[55]
Northrop 84-94 2 K -
Grumman [56]
Fujitsu 84-99 1 K -
[57]
HRL - Brijot 80-109 0.3-0.7 K 3.125
[58] [59]
University 85-104 5 K 30
of Toronto [60]
Alfa 80-105 < 1 -
Imaging [61]
Qinetic 82-106 0.66 K 0.2
[62]
Farran 80-110 4 K 0.001
Technologies [63] [64]
Anteral 80-100 0.7 K 1
[65]
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Figure 1.8 – Dicke receiver.
∆Tmin =
√
2 (TA + TSN )
2 + 2 (Tref + TSN )
2
BHF τLF
+
(
∆G
G0
)2
(TA − Tref)2
(1.10)
In this expression, when the difference between Tref and TA is small
enough, the effect of gain fluctuations is minimised. However, the sensitivity of
the receiver is penalised. When Tref = TA, i.e. assuming a balanced receiver,
these fluctuations are removed and the receiver sensitivity is only determined
by its noise temperature:
∆Tmin = 2
TSN√
BHF τLF
(1.11)
As can be seen, the sensitivity of a Dicke receiver is one half of the
theoretical sensitivity of the total power receiver because the input signal is
detected by the receiver only half of the time. In conclusion, the introduction
of the switch in the input port of the system eliminates the effect of gain
fluctuations at the expense of penalising the sensitivity of the receiver by
a factor of 2. In addition, the switch usually limits the bandwidth of the
system and increases its losses. Nowadays, to the best of our knowledge only
three switches working along the entire W-band have been proposed [68]- [70].
However, the insertion losses added by these switches are between 1.4 dB [68]
and 4 dB [70].
Dicke-type receivers have a long history in CMB observations and were
successfully employed in the COBE-DMR instrument that first detected CMB
anisotropies [71], [72]. These receivers are cooled and their sensitivities
are around 20 mK. Moreover, Dicke receivers are mainly based on III-V
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Table 1.3 – Published performances of several Dicke receivers based on direct
detection.
Reference Technology Frequency Sensitivity τLF
(GHz) (ms)
[73] AlGaAd InGaAs HEMT 85-95 0.5 10
[74] InP HEMT 80-110 0.4 K 3.125
[75] 0.18 µm SiGe BiCMOS 81-107 0.3-0.4 K -
[76] 65 nm CMOS 80-98 1.1 K 30
[77] 0.13 µm SiGe BiCMOS 84-99 0.83 K 30
[78] 0.3 µm SiGe BiCMOS 100 <2 K 30
[79] 65 nm CMOS 183 2 K 30
technologies such as GaAs or InP HBTs/HEMTs [73], [74] which consist of
two or three integrated circuits such as the switch, the low noise amplifier and
the detector. However, the new advanced CMOS technology facilitates the
development of Dicke receivers in a single-chip with small form factor [75]-
[79].
Table 1.3 shows several published Dicke receivers based on direct detection.
As can be seen, the majority of Dicke receivers work at 94 GHz. Moreover,
CMOS based receivers can obtain as low sensitivities as receivers developed in
GaAs and InP HEMT technology. Nowadays, to the best of our knowledge,
the highest operating frequency of Dicke receivers based on direct detection is
183 GHz [79].
1.1.3.3 Differential receiver
Receivers based on a differential configuration carry on with the idea of
performing a distinction between the RF signal and a signal produced by
a known reference load in order to remove the effect of gain fluctuations,
similarly to Dicke receivers. However, this type of receivers avoids the use of
a switch in its input port achieving larger RF bandwidth and improving its
sensitivity.
These receivers require two identical and matched receivers in which the
gain and noise fluctuations of the amplifiers are completely correlated. The
balanced structure of a differential receiver can be seen in Fig. 1.9. The input
RF signals collected by its two antennas are equally divided by the input
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Figure 1.9 – Differential receiver.
quadrature hybrid coupler and distributed into the two amplifier chains. In
this way, the two input signals suffer the same gain and noise fluctuations [80].
As a consequence, the effect of gain and noise fluctuations can be eliminated
by implementing a subtracting operation between its two output voltages in its
post-processing stage. Therefore, the output signal of the receiver is a voltage
proportional to the difference between its two input signals.
As mentioned, the sensitivity is the minimum variation of temperature
that the radiometer is capable of detecting and it is referred to ∆Tmin. A
passive radiometer based on a differential configuration has a sensitivity given
by [46]:
∆Tmin =
√
2
TSN√
BHF τLF
(1.12)
As can be seen, the removal of the effect of gain instabilities is also achieved
in this type of receiver. Moreover, the sensitivity improves in a factor of
√
2
with respect to Dicke receivers, since the desired input signal is being contin-
uously measured.
Pseudo-correlation receiver
Another type of differential receivers are pseudo-correlation receivers
which allow continuous comparison and differentiation between two different
observations. Different versions of pseudo-correlation receivers have been used
for the second and third generation of space based radiometric instruments for
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Figure 1.10 – Pseudo-correlation receiver used in the Low Frequency Instrument
(LFI) on board the ESA Planck mission [84].
CMB anisotropy: NASA Wilkinson Microwave Anisotropy Probe (WMAP)
[81]- [83] and the Low Frequency Instrument (LFI) on board the ESA Planck
mission [84], [85].
The receivers of the WMAP instrument directly measure temperature
differences between sky signals from two widely separated regions of the sky
while the LFI receivers measure the difference between the sky and a stable
internal cryogenic reference load cooled at about 4 K by the pre-cooling stage of
the High Frequency instrument. The offset of approximately 3 K between the
sky and reference load signals is compensated introducing a gain modulation
factor which balances the output in the on-board data reduction phase.
The receivers used in the LFI on board the ESA Planck mission can be
seen in Fig. 1.10. This Figure shows one of the two parallel receivers used
in this satellite, one for each polarization of the radiation coupled through
the antenna. It consists of an actively cooled front-end (20 K) and a 300 K
back-end linked by waveguides. The two input signals, i.e. the sky signal
and the signal from a stable reference load at approximately 4 K, are coupled
to cryogenic low noise amplifiers via a 180◦ hybrid. One of the two signals
is phase shifted between 0 and 180◦ at a frequency of 4096 Hz. The signals
are then recombined by a second 180◦ hybrid, producing an output which is
a sequence of signals alternating at twice the phase switch frequency. In the
back-end of each receiver the RF signals are amplified, low-pass filtered and
detected. Then, the sky and reference load signals are integrated, digitised
and differenced after multiplication of the reference load signal by a gain
modulation factor, i.e. r, which has the function to make the sky-load
difference as close as possible to zero. A proper tuning of the parameter r
ensures a very stable differential output with knee frequencies of the 1/f noise
of the order of few mHz [85]. Indeed, the 1/f noise related to the 1/f gain
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Figure 1.11 – Correlation receiver.
fluctuations in suppressed by applying the parameter r, leaving only the 1/f
noise produced by fluctuations in amplifier noise temperature.
The receivers of the LFI on board the ESA Planck mission work at 30, 44
and 77 GHz.
1.1.3.4 Correlation receiver
The sensitivity of Dicke receivers assumes that it is a balanced structure,
i.e. TA = Tref , in order to remove the receiver instabilities. Correlation
receivers [86] ensure this feature without using a switch. They consist of two
identical receivers connected to the same antenna, as can be seen in Fig. 1.11.
The IF-output signals are multiplied. Therefore, the output signal of the
correlation receiver is a signal proportional to the input noise coupled through
the antenna, which is the same for both receivers. Note that the added noise
power of each receiver is uncorrelated and no output DC voltage is produced.
The sensitivity of correlation receiver is:
∆Tmin =
√
2
TSN√
BHF τLF
√
1 +
(
1/2TA
TSN
)2
(1.13)
In which TSN is the system noise temperature of the complete correlation
receiver, i.e. TSN =
1
2
TA + TR. The particularity of this system is that it
is useful only when the noise temperature of the antenna, i.e. TA, is small
with respect to the noise temperature of each receiver, i.e. TR. When this
happens, the achievable sensitivity is identical to the sensitivity of a differential
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receiver. On the other hand, when the noise temperature of the antenna is high
enough in comparison to the noise temperature of the receiver, the sensitivity
is identical to that of the total power receiver. Therefore, it is determined by
the receiver instabilities.
The most common used correlation receiver contains two input antennas
instead of one antenna and 180◦ coupler. It has been used in radio astronomy
[87], [88] and satellite passive microwave remote sensing at L-band [89], [90]
and at 22 GHz [91] for its ability to synthesize large antenna apertures
using multiple small apertures. Due to the fact that the ideal correlation
receiver responds only to coherent radiation, recently, it has been used in
security sensing for close-range detection of human presence [92], [93]. These
correlation receivers work at Ka-band using a LO frequency of 26 GHz and
their sensitivities are 270 mK. In addition, they have also been applied in the
measurement of the angular velocity of moving objects [94], [95]. Taking into
account higher frequencies, a gas filter correlation receiver has been developed
at infrared frequencies to detect different gases such as tropospheric carbon
monoxide [96].
1.2 Motivation and Goal of this Work
Nowadays, large attention is being paid to the development of new commercial
applications and systems using PMMW imaging. Both the Spanish and
European Governments are funding several research projects focused on
the development of passive receivers and imaging cameras at millimetre,
sub-millimetre and THz frequencies. Indeed, this dissertation is framed
within the IPT-2011-0960-390000 project funded by the Spanish Ministry of
Science and Innovation within the INNPACTO program. Its main objective
was the design and development of millimetre wave receivers for security
applications. The project was lead by the company Alfa Imaging, which
aimed at integrating them in their imaging cameras. In this project, besides
conventional topologies, novel configurations of receivers have been explored.
In particular, the auto-calibrated configuration explored in this thesis will help
reducing the drifts encountered in the direct detection receivers used in Alfa
Imaging cameras.
As mentioned, thanks to this project, this Thesis has been focused on
the development of an auto-calibrated receiver at W-band to be used in a
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Table 1.4 – Commercial total power receivers at W-band.
Company Product Frequency Sensitivity
(GHz) (K)
Farran Technologies [64] PMMW-10-0001 80− 110 4
(τLF = 1 µs)
Anteral [65] TSW-90 80− 100 0.7
(τLF = 1 ms)
PMMW camera. PMMW imaging in this frequency band has motivated the
progress of a wide range of applications mainly focused on defence and security,
such as those previously discussed. Moreover, direct detection at W-band is
feasible due to the availability of MMIC devices such as low noise amplifiers
and detectors. Therefore, a simple receiver in which the use of a mixer and
a local oscillator is not required can be designed operating at this frequency
band. Moreover, low loss dielectric substrates are also commercialised at W-
band allowing the minimization of its dielectric losses, which improves the
sensitivity of the receiver.
Apart from the advantages related to the operating frequency band, the
selected configuration for the proposed receiver is based on a differential
receiver which by performing an internal calibration by means of continuously
measuring of a reference load is able to remove the effect of receiver instabilities
improving the sensitivity in comparison with Dicke receivers.
Finally, the implementation of a receiver entirely built in planar technology
will be carried out. This facilitates the integration of the MMIC devices.
Moreover, the antenna and the receiver can be built on the same substrate
which makes the development of an array of receivers easier. Besides, the
resulting system has a relative small size and it is lighter than waveguide
based receivers.
Currently, after the closure of MMIC Solutions [97], there are only
two companies which commercialize receivers at W-band such as Farran
Technology [64] and Anteral [65]. All of them are based on total power
receivers, thereby, the calibration of the system has to be externally
implemented. Therefore, the proposed auto-calibrated receiver presents the
advantage of performing an internal calibration which facilitates the post-
processing. These commercial total power receivers were shown in Fig. 1.7
and their main characteristics can be seen in Table 1.4.
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The proposed W-band auto-calibrated receiver should feature a sensitivity
of at least 0.7 K considering τLF = 1ms in order to be competitive with
these commercial total power receivers. Moreover, this dissertation takes into
account the fabrication, assembly and testing of the proposed W-band auto-
calibrated receiver using the facilities provided by the THz Laboratory of
Antenna Group of Public University of Navarra which is a national reference
in this field.
1.3 Structure of the document
The current document is divided in the following sections:
Chapter 1
The present Chapter explains the background, goal and motivation of this
work. The background of this Thesis gathers the importance of PMMW
imaging, its applications and commercial systems.
Chapter 2
The second Chapter presents the theory behind the differential configuration of
the proposed W-band auto-calibrated receiver and its advantages. Moreover,
the design of the components which are part of the planar receiver is explained.
Furthermore, the choice of the commercial MMIC devices such as the reference
load, the low noise amplifiers and detectors is shown.
Chapter 3
This Chapter deals with the analysis of the performance of the W-band auto-
calibrated receiver using the SW package Advance Design System (ADS)
by Keysight Technologies. In this analysis, the simulated performance of
the microstrip components, the selected commercial MMIC devices and the
gold wire bondings required to connect the components have been taken into
account. Specifically, the performance of the planar receiver has been analysed
in terms of reflection coefficient, gain and also, noise temperature and noise
figure determining the effect of each component on these parameters.
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Chapter 4
Chapter 4 is focused on the fabrication and measurement of the planar
components of the W-band auto-calibrated receiver. The characterization
of these components is accomplished using waveguide based equipment.
Therefore, the design, fabrication and validation of an inline WR10 waveguide
to microstrip transition operating in the full W-band is firstly presented. In
addition, the used low loss dielectric substrate in the receiver, i.e. 0.127 mm
thick RO5880 substrate, and other low loss dielectric substrate, i.e. 0.1 mm
thick COC polymer, have been characterized in order to retrieve their
dielectric constants and loss tangents. These facilitate the comparison between
experimental and simulation results of each planar component of the proposed
receiver and validate their performances.
Chapter 5
This Chapter addresses the design of the packaging metal block of the W-
band auto-calibrated receiver and the DC circuit which biases the low noise
amplifiers and amplifies the output signals of the receiver. The packaging
metal block includes the WR10 flange required to connect it with a standard
horn antenna, this DC circuit and the cavity which contains the planar
receiver. In particular, this cavity implements a periodic pin surface in order to
avoid the propagation of undesired modes which can penalize the performance
of the proposed receiver. Moreover, design guidelines for the pin surface
are proposed in order to create a certain stop-band. Experimental results
shown in this Chapter demonstrate the suppression of the unwanted modes
and resonances.
Chapter 6
The assembly of the components in the packaging metal block and the bias
process of the low noise amplifiers are explained and shown in this Chapter.
Moreover, the measurement of the performance of the complete W-band auto-
calibrated receiver is carried out: input reflection coefficient, dynamic range,
RF-DC response, effective bandwidth and equivalent noise temperature are
experimentally validated.
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Chapter 7
Until this Chapter, the input port of the proposed W-band auto-calibrated
receiver was a WR10 waveguide in order to connect it to a standard horn
antenna or to the test equipment required for characterization. This facilitated
the comparison between performances of this receiver and other commercial
receivers. However, the Chapter 7 introduces the design, fabrication and
measurement of a W-band Vivaldi antenna. This is an interesting alternative
in order to reduce the size, weight and manufacturing complexity of an array
of receivers. The challenge tackled in this design is the implementation of a
broadband microstrip to slotline transition operating in the full W-band.
Chapter 8
This Chapter offers a brief summary of the results presented in this
dissertation, together with some final conclusions and future work lines.

Chapter 2
Design of a W-band
auto-calibrated receiver in
planar technology
2.1 Introduction
The function of a passive radiometer is to receive the RF power radiated by
the objects in a natural way. This emission normally consists of broadband
noise whose statistical properties are similar to the noise produced in the
receiver or from the background radiation coupled to the radiometer by the
antenna. Therefore, the main requirements for a passive radiometer are high
sensitivity and also high stability. These requirements can be improved by
using a configuration different from the total power radiometer.
In this Chapter, the analysis of the architecture of the proposed W-band
radiometer will be carried out highlighting its main advantages. Moreover,
the explanation of the design of its microstrip components and also the choice
of the commercial Monolithic Microwave Integrated Circuit (MMIC) devices
will be explained. Although the use of a planar antenna would lead to a
more compact solution, as it will be discussed in Chapter 7, this W-band
auto-calibrated receiver will be connected to WR10 waveguide by means of a
specific transition. Therefore, a WR10 waveguide to microstrip transition has
been designed in order to connect the receiver to a standard horn antenna or
to the test equipment required for characterization. In this way, this transition
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Figure 2.1 – Diagram of the proposed W-band auto-calibrated receiver.
will facilitate the comparison between the proposed receiver and a commercial
W-band receiver based on a total power radiometer.
2.2 Receiver configuration and its advantages
The proposed W-band auto-calibrated radiometer can be shown in Fig. 2.1.
This receiver consists of an antenna which collects the passive radiation of
the objects, a reference load, two quadrature hybrid couplers, two low noise
amplifier chains and one detector in each output of the radiometer.
The W-band receiver will be entirely designed in planar technology. This
feature facilitates the integration of the MMIC components. The antenna and
the quadrature hybrid couplers will be built on the same substrate which makes
it easier the development of an array of receivers. Besides, the resulting system
has a relative small size and it is lighter than waveguide based radiometers.
Moreover, a typical superheterodyne receiver with an output signal in an
intermediate frequency is not needed at W-band. Direct detection at this
frequency band is feasible taking advantage of the availability of commercial
MMIC components such as Low Noise Amplifiers (LNA) and detector diodes.
Regarding the architecture of the receiver, it is based on a differential
configuration in which the balanced structure of the receiver is achieved
with two quadrature hybrid couplers. The input quadrature hybrid coupler
distributes the unknown RF signal introduced by the antenna and the reference
signal in two amplifier chains. Next, the output quadrature hybrid coupler
combines these amplified signals and as a result two output signals are
obtained. These output signals correspond to the amplified RF signal and
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Figure 2.2 – Operation of the W-band auto-calibrated receiver based on a
differential configuration in detail. The inputs and outputs of each device are
shown.
the amplified reference signal. The use of a reference signal provides an
auto-calibrated system whose main advantage is to reduce the effect of gain
variations in the amplifiers. Gain variations are unavoidable and critical in
the sensitivity of a total power radiometer. The detector can not distinguish
an increase of signal power due to an increase in the received signal or an
increase produced by gain fluctuations. Therefore, a differential configuration
provides robustness to the system. It avoids gain fluctuations with lower
penalty in the sensitivity than other receiver configurations which also cope
with these instabilities such as Dicke radiometers. Next, the analysis of the
receiver demonstrates how the effect of the gain fluctuations of the amplifiers
is minimized.
Fig. 2.2 shows the differential configuration of the W-band auto-calibrated
radiometer in more detail. The values of the input and output signals of each
component are included in this Figure. A corresponds to the unknown RF
signal introduced by the antenna and B corresponds to the reference signal.
These signals are coupled through the input quadrature hybrid coupler. As a
result, two combined signals, i.e −1√
2
(jA+B) and −1√
2
(A+ jB), are distributed
to the two amplifier chains. These signals are amplified in the same way as
the noise produced by the amplifier itself, i.e. n1 and n2, as can be seen in
Eq. 2.1 and 2.2 where u1 and u2 are the equivalent noise at the output of the
amplifiers and, g1 and g2 are their gains.
u1 =
(−1√
2
(jA+B) + n1
)
g1 (2.1)
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u2 =
(−1√
2
(A+ jB) + n2
)
g2 (2.2)
Both u1 and u2 are combined in the output quadrature hybrid coupler
obtaining the output signals v1,in and v2,in shown in Eq. 2.3 and 2.4.
v1,in =
−1√
2
[(
A− jB√
2
+ jn1
)
g1 +
(−A− jB√
2
+ n2
)
g2
]
(2.3)
v2,in =
−1√
2
[(−jA−B√
2
+ n1
)
g1 +
(−jA+B√
2
+ jn2
)
g2
]
(2.4)
Applying the power addition in Equations 2.3 and 2.4, the resulting output
signals v1,in and v2,in are as follows.
v1,in =
√(
B
2
(g1 + g2)
)2
+
(
A
2
(g1 − g2)
)2
+
(
1√
2
(n1g1 + n2g2)
)2
(2.5)
v2,in =
√(
A
2
(g1 + g2)
)2
+
(
B
2
(g1 − g2)
)2
+
(
1√
2
(n1g1 + n2g2)
)2
(2.6)
Each output signal has the contribution of the input signals, A and B
and also the noise produced by the amplifiers. Note that the input signals
can be separated with the differential configuration when the amplifiers are
identical, i.e. g = g1 = g2 and n = n1 = n2. Then, the output signal
in the first branch would correspond to the amplified reference signal, i.e.
v1,in =
√
(Bg)2 + 2(ng)2, and the unknown RF signal can be obtained in the
second branch, i.e. v2,in =
√
(Ag)2 + 2(ng)2. The contribution of the system
noise in these two outputs is identical.
The detectors used in the configuration are square law devices. This implies
that the output DC voltage of the detector is directly proportional to the
output noise power of the pre-detection section of the receiver. Therefore, the
DC outputs of the proposed W-band auto-calibrated receiver, i.e. V1 and V2,
are shown in Eq. 2.7 and 2.8 where β stands for the sensitivity of the detector
in V/mW .
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V1 = β
(
B
2
(g1 + g2)
)2
+ β
(
A
2
(g1 − g2)
)2
+ β
(
1√
2
(n1g1 + n2g2)
)2
(2.7)
V2 = β
(
A
2
(g1 + g2)
)2
+ β
(
B
2
(g1 − g2)
)2
+ β
(
1√
2
(n1g1 + n2g2)
)2
(2.8)
The first two components of each output voltage, i.e. V1 and V2, contain
the input signals multiplied by a gain component which is a combination of
the gain of the amplifiers. If the amplifiers are identical in terms of gain, i.e.
g1 = g2, the output voltages of the system are the amplified input signals
separated in each output port of the receiver. The third term corresponds to
the noise contribution of the amplifiers.
When a subtracting operation is implemented in the post-detection stage
of the receiver, the effect of the gain fluctuations of the amplifiers can be
removed by the differential configuration because their contribution in both
input signals, i.e. A and B, are equal. The resulting subtracted output can be
seen in Eq. 2.9.
V2 − V1 = β
[
A2g1g2 −B2g1g2
]
(2.9)
In the case that the gains of the two amplifier chains are unbalanced, they
have the same effect in both output signals of the receiver and can be also
removed by the subtracting operation. In addition, the noise generated by the
amplifiers has been also removed by the subtracting operation. The effect of
gain imbalance in the output voltages of the differential receiver will be clearly
explained in Section 3.2.
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As mentioned in Chapter 1, two parameters mainly define the quality of a
passive receiver and its ability of imaging, i.e. the Sensitivity (∆Tmin) and the
System noise temperature (TSN ). The following expression for the sensitivity
is obtained for a passive radiometer based on a differential configuration.
∆Tmin =
√
2
TSN√
BHF τLF
(2.10)
A smaller ∆Tmin corresponds to a higher sensitivity which is crucial in
passive receivers. It depends on the system noise temperature TSN , the high
frequency operating bandwidth BHF and the integration time τLF . Large
operating bandwidth BHF and low system noise temperature TSN provide a
receiver with high sensitivity.
2.3 Components of the W-band receiver
As mentioned in the previous Section, the receiver consists of two quadrature
hybrid couplers which provide the balanced structure, two MMIC Low Noise
Amplifiers distributed one in each amplifier chain, two MMIC Detector Diodes
placed in the outputs of the system and a MMIC reference load. Below,
the design of its microstrip components is carried out and the choice of
the MMIC components at W-band is explained. Moreover, the design of a
WR10 waveguide to microstrip transition is presented in order to allow the
experimental comparison between the proposed receiver and a commercial
W-band total power receiver using the same W-band standard horn antenna.
2.3.1 Substrate selection
The selection of a suitable substrate is essential to minimize the dielectric
losses of the W-band auto-calibrated receiver because these losses increase the
system noise temperature and penalize its sensitivity. The dielectric losses in
the differential configuration of the receiver are produced by three microstrip
components. These devices are the WR10 waveguide to microstrip transition
needed to connect the standard horn antenna with the planar receiver, the
two quadrature hybrid couplers and also the 50 Ω microstrip lines required to
connect every component of the receiver by means of gold wire bonding.
Therefore, the substrate has to be low loss dielectric, i.e. low dielectric loss
tangent (tanδ), and also its thickness must be comparable to the thickness of
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Name ǫr t (mm) tan δ Manufacturer
TLY 2.17-2.20 0.127 0.0009 TACONIC [98]
(10 GHz) (10 GHz)
TLP 2.17-2.40 0.127 0.0009 TACONIC [98]
(10 GHz) (10 GHz)
TacLamPLUS 2.10 0.100 0.0008 TACONIC [98]
(50 GHz) (50 GHz)
DiClad880 2.17-2.20 0.127 0.0009 ARLON [99]
(10 GHz) (10 GHz)
CuClad217LX 2.17-2.20 0.127 0.0009 ARLON [99]
(10 GHz) (10 GHz)
NY9000 2.17-2.60 0.127 0.0009 NELCO [100]
(10 GHz) (10 GHz)
RT/Duroid 5880 2.20 0.127 0.0009 ROGERS [101]
(10 GHz) (10 GHz)
RO3003 2.96 − 3.04 0.127 0.001 ROGERS [101]
(10 GHz) (10 GHz)
Table 2.1 – Available commercially substrates at W-band with low dielectric
losses.
the commercial MMIC components at W-band. This last condition facilitates
the bonding with gold wires, shortening the length of these connections and
also minimising their losses. The thickness of commercial MMIC devices at
W-band is mainly between 50 and 100 µm as can be seen in the following
Subsections.
Nowadays, the standard thinnest substrates, which some manufacturers
provide without increasing the fragility of the substrate sheet, are 100 and
127 µm. Table 2.1 shows the available commercial substrates with low
dielectric losses, i.e. tanδ 6 0.001. The highlighted parameters in this Table
are the dielectric constant, ǫr, the thickness, t, the dielectric loss tangent, tanδ,
and the manufacturer.
Any of the substrates shown in Table 2.1 is a good candidate for the
W-band auto-calibrated receiver. The selected substrate has been RT/Duroid
5880 (RO5880) whose thickness is 127 µm because it is available in the Antenna
Group at the Public University of Navarra.
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Figure 2.3 – Conventional design of a quadrature hybrid.
With respect to the dielectric loss tangent of the 127 µm thick RO5880,
the manufacturer provides its measured value at 10 GHz. However, it is
not demonstrated that this value is appropriate at higher frequencies such
as W-band. As a matter of fact as will be shown in Section 4.2, the real loss
tangent in the W-band is much higher, i.e. 0.01. Therefore, the considered
dielectric loss tangent of RO5880 at W-band will be 0.01 instead of 0.0009.
This value has been introduced in every design and it implies that the dielectric
losses of the 50 Ω microstrip line at 92.5 GHz can be estimated as 0.1 dB/mm
[102].
2.3.2 W-band quadrature hybrid coupler
The quadrature hybrid coupler is one of the key elements in many microwave
circuits such as balanced amplifiers, balance mixers, phase shifters, power
dividers, and beamforming networks for array antennas and for direction-
finding antennas [103]. Usually, they are used to combine or divide signals with
appropiate phase of ±90◦. For our application, this element is crucial in the
operation of the receiver. It equally divides the input and the reference signal
and once they have been amplified it separates them, such that, in the ideal
noise-less receiver, the outputs of the front-end receiver are the amplified input
signal and the amplified reference signal. In this and many other applications,
the coupler is required to be designed in planar microstrip technology for easy
integration with other passive or active components of the front-end receiver
such as MMIC devices.
The conventional design of the quadrature hybrid coupler, also called
branch-line coupler, is based on single section quarter-wavelength transmission
lines [102]. This structure can be seen in Fig. 2.3.
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One of the drawbacks of the conventional design is the size because it
utilizes λ/4 transmission lines. On the one hand, sizes of conventional couplers
are too large for RF circuits at low microwave frequencies such as mobile
frequencies and for radio frequency integrated circuits (RFIC). For example,
when a coupler is integrated with a small size microstrip antenna [104], which
is usually implemented over a low ǫr substrate. On the other hand, the sizes
are also too large for MMIC applications, since increase the cost. Several
techniques have been proposed in order to overcome the size problem of the
branch-line coupler [105]- [108].
In our system, the application of a technique to reduce the size of
the planar devices is not needed because the frequency operating band is
high enough to obtain a relatively small wavelength. The main drawback
for our interest is the narrowband performance of the branch-line coupler.
However, in some applications this feature is interesting in order to develop
systems which can operate at multiple frequency bands. Examples of these
applications are mobile communications systems with cellular and personal
communications system (PCS) bands, and wireless local area networks
(WLAN) systems operating over 2.4 and 5 GHz bands. Several techniques
have been implemented in order to achieve dual-band quadrature hybrid
couplers [109]- [125] and even tri-band quadrature hybrid couplers [126].
A dual-band operation is not a requirement in the W-band front-end
receiver. The requirement of the quadrature hybrid coupler must have a
broadband response covering the full W-band. One solution to solve the
problem of the narrowband operation of the branch-line coupler can be its
design with two or more operating frequencies specified within the desired
bandwidth. This results in a broadband response. However, if the frequency
ratio between the highest and lowest frequency limits of the operating band,
i.e. 110 and 75 GHz in the W-band, is less than 1.5 as in our case, i.e.
fHigh = 1.47fLow, very high and low characteristic impedances are needed
for the quadrature hybrid coupler [114]- [125]. Thus, the widths of the
required microstrip lines with high characteristic impedance in the design
exceed the manufacturing limit. Moreover, when the frequency becomes
higher, the required microstrip lines with low characteristic impedance create
an undesirable aspect ratio between the width of these transmission lines and
its distance of λ/4.
Different approaches have been investigated in order to increase the
bandwidth of branch-line coupler based on the use of:
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• Coupled lines. Examples of that are those proposed in [127]- [131].
They use microstrip-to-slot technology to achieve the increase of the
bandwidth up to 4 : 1 and a very compact coupler. For instance, a
multisection equal-ripple quadrature hybrid based on this technique is
proposed in [130], see Fig. 2.4 a). This coupler is a simple structure with
rectangular-shaped slot-coupled sections and its design overcomes the
amplitude imbalance shown in [127]- [129] at the highest and lowest
frequency limits of the operating frequency band which is excessive
for some applications. Although this technique achieves broadband
performance, the ports of the quadrature hybrid are on the top and the
bottom layer of the substrate. In the W-band front-end receiver, this
complicates the integration of the coupler with the MMIC devices and
also its packaging. In [131], a microstrip ultrabroadband multisection
quadrature hybrid based on the coupled lines is proposed. This design
has all the hybrid ports in the same layer, however, the ground plane
has complicated slot structures.
• Single-stub matching networks designed at the center frequency. These
matching networks are applied to every port of a branch-line quadrature
hybrid coupler [132] and [133]. An example of this structure is shown in
Fig. 2.4 b) [132]. All the ports are in the same layer of the substrate.
• Consecutive multiple branches and lines with different impedances to
form a multi-section coupler [134]- [136]. As an example of this
technique, the structure proposed in [136] is shown in Fig. 2.4 c).
• Multi-branch coupler as the core structure and attach impedance
matching line-stubs to all the ports, see Fig. 2.4 d) [137].
The last three techniques are suitable for the design of a W-band
quadrature hybrid for the front-end receiver because of their relatively simple
design, broadband performance and their single-layer structure. However,
the design presented in [136] is the simplest one and some tables with the
dimensions of a coupler depending of the bandwidth requirements are given.
For this reason, this technique has been selected to design the W-band
quadrature hybrid coupler.
This paper, [136], solves the main problem of multi-section couplers
based on Butterworth and Chebyshev conventional designs. These designs
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(a) (b)
(c) (d)
Figure 2.4 – Different techniques to increase the bandwidth of a quadrature
hybrid coupler based on the use of a) coupled lines [130], b) single-stub matching
networks designed at the center frequency [132], c) consecutive multiple branches
and lines with different impedances [136] and d) multi-branch coupler as the core
structure and attach line-stub structure to all the ports [137].
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Figure 2.5 – A quadrature hybrid coupler with two-fold symmetry about the x
and y planes proposed in [136].
generally require couplers with wide impedance ranges. Thus, very high
impedances which exceed the manufacturing limit are needed to achieve more
than four-branch couplers. This paper applies a computer-aided design using
the general form of the Chebyshev function in order to obtain realizable
ranges of impedances in microstrip technology. Moreover, this method takes
into account the improvement of coupling characteristics such as the allowed
amplitude imbalance and also the return and isolation losses along the entire
operating band. The structure of the multisection quadrature hybrid coupler
can be seen in Fig. 2.5 where its main parameters are defined.
It gives three tables in which several impedance solutions for two-, three-
and four-section couplers are respectively shown. The addition of sections
increases the operating bandwidth of the coupler. In each table, their solutions
are compared with Butterworth and Chebyshev conventional designs.
For the design of a W-band quadrature hybrid coupler, the realizable
impedance range is shown in Fig. 2.6. The selected substrate for the
development of the W-band front-end receiver, i.e. 0.127 mm thick RO5880
substrate, has been taken into account for the calculation of these limits. On
the one hand, the minimum realizable width with the intended manufacturing
technique determines the highest characteristic impedance of a microstrip line.
The manufacture of the planar circuit will be done by a laser milling machine,
in particular, by a LPKF ProtoLaser 200. Thus, the minimum width of a
microstrip line which this machine can mill is 0.05 mm. This implies that
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Figure 2.6 – Realizable impedance range of a microstrip line on 127 µm thick
RO5880 depending on the frequency within the W-band.
the maximum allowed impedance of a microstrip line is 138 Ω. On the other
hand, the lowest allowed limit of the microstrip line impedance is determined
by the realizable width which keeps an acceptable ratio between the line width
and the distance between branch-lines, i.e. less than λ/4. Therefore, the
usable impedance range for a 0.127 mm thick RO5880 substrate in W-band
is approximately 39 Ω-138 Ω considering the center frequency of the desired
operating bandwidth, i.e. 92.5 GHz.
Paying attention to the tables given in [136], see Fig. 2.7, a four-branch
coupler is required to cover the full W-band because both BWR,I and BWC
must be higher than 38 %. BWR,I and BWC define the operating bandwidth.
BWR,I corresponds to the frequency bandwidth (%) in which the return
loss and isolation are better than 20 dB. BWC corresponds to the frequency
bandwidth (%) in which the coupling imbalance is better than −3.0±0.43 dB.
As can be seen in Fig. 2.7, only couplers 4-16 and 4-17 meet the bandwidth and
the realizable impedance range requirements, i.e. 39 Ω-138 Ω, for the design
of a W-band quadrature hybrid coupler. Therefore, the implemented coupler
has been 4-16 because the performance is slightly better in terms of broader
bandwidth. With respect to the distance between branch-lines, they initially
correspond to quarter guided wavelength which depend on the impedance of
the microstrip lines.
The schematic of the designed W-band quadrature hybrid coupler and the
definition of its parameters are shown in Fig. 2.8. The initial dimension of
parameter has been calculated based on the impedances shown in Fig. 2.7.
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Figure 2.7 – Table of design characteristics of four-branch couplers [136].
Figure 2.8 – Schematic of the designed W-band quadrature hybrid based on
coupler 4-16 [136]. The parameters of the design are defined in this figure.
However, these dimensions have been optimized using the SW package Ansys
HFSS. The values of each optimized parameter can be seen in Table 2.2.
Table 2.2 – Dimensions (mm) of the designed W-band quadrature hybrid
coupler, see Fig. 2.8.
a1 a2 b1 b2 θ1 θ2
0.05 0.05 0.4 0.44 0.81 0.94
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Figure 2.9 – Simulated response of the designed W-band quadrature hybrid
coupler in terms of a) S-parameters and b) phase of the coupling parameters and
difference between them.
The electromagnetic performance of the designed W-band quadrature
hybrid in terms of S-parameters and the phase difference between direct and
coupled ports are shown in Fig. 2.9. Note that the considered dielectric loss
tangent at W-band is 0.01, as mentioned in Section 2.3.1. The return loss and
isolation are better than 15 dB along the entire W-band. With respect to the
coupling, it ranges between 3.03 and 3.86 dB. The phase difference between
direct and coupled outputs is 90◦ ± 3◦. Therefore, the design complies with
the requirements for a W-band quadrature hybrid coupler.
2.3.3 MMIC components
The MMIC devices which are part of the W-band auto-calibrated receiver
based on a differential configuration are a reference load, Low Noise Amplifiers
(LNA) and detector diodes. A suitable choice of these devices is crucial to
minimize the system noise of the receiver and to improve its sensitivity. The
complete datasheets of the selected MMIC devices are shown in Appendix A.
2.3.3.1 Reference load
Some solutions have been considered as a reference load in the W-band in
order to allow the calibration of the system, such as 50 Ω thin film resistors
and MMIC attenuators. Thin film resistors show high accuracy and stability.
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(a) (b)
Figure 2.10 – a) TGL4201 10 dB attenuator of TriQuint Semiconductor and
b) HMC658 20 dB attenuator of Hittite.
However, their main drawback is the lack of availability of commercial thin film
resistors that work above 20 GHz. Although commercial MMIC attenuators
at W-band are also not available for the moment, this type of technology
can work at higher frequencies such as 50 GHz. For this reason, a MMIC
attenuator has been considered as the reference load of the W-band front-end
receiver. The minimum attenuation needed is 10 dB in order to simulate a
matched load in the isolated port of the input quadrature hybrid coupler of
the auto-calibrated receiver.
Examples of commercial MMIC attenuators are TGL4201 of Triquint
Semiconductor [138], see Fig. 2.10 a), and HMC658 of Hittite [139], see
Fig. 2.10 b). They provide a fixed attenuation of 10 dB and 20 dB
respectively. The dimensions of the chips are approximately the same, i.e.
0.50 x 0.50 x 0.1 mm and 0.42 x 0.45 x 0.1 mm. In both cases, the performance
is ensured by the manufacturers up to 50 GHz. Although the datasheet of the
Hittite’s component, i.e. HMC658, is more detailed in terms of measurements
and feasible assembly diagrams, the attenuation and also the input and output
return losses of the TriQuint component, i.e. TGL4201, have been measured
up to 110 GHz. These measurements can be seen in Fig. 2.11. Note that the
green line corresponds to the selected attenuator, TGL4201-10. These results
indicate that the TGL4201-10 attenuator of TriQuint Semiconductor can work
well at W-band. It presents return losses above 15 dB and the attenuation is
higher than 10 dB. Therefore, the selected MMIC attenuator for the W-band
front-end receiver is the TGL4201-10 of TriQuint Semiconductor. However, it
should be noted that the measurements have been carried out with probes from
DC to 110 GHz and gold wires needed for assembly have not been considered.
The chip assembly of the TGL4201-10 device, as can be seen in Fig. 2.12,
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(a)
(b)
Figure 2.11 – Measurements of the TGL4201 MMIC attenuators of TriQuint
Semiconductor given by the manufacturer; a) input return losses and b) attenu-
ation. The measurement has been carried out with probes from DC to 110 GHz.
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Figure 2.12 – Chip assembly diagram of the TGL4201-10 attenuator of TriQuint
Semiconductor.
consists of input and output 50 Ω microstrip lines connected to the input and
output ports of the attenuator by gold wires. Moreover, the ground contact is
ensured by attaching the chip with silver epoxy to the ground plane. Therefore,
the measurement of the MMIC attenuator at W-band taking into account gold
wire bondings is needed in order to demonstrate that it is suitable as a W-band
reference load. This measurement will be shown in Section 4.4.2.
2.3.3.2 W-band Low Noise Amplifier (LNA)
One of the main advantages of the proposed W-band front-end receiver is
the possibility of direct detection and it is feasible thanks the availability of
commercial MMIC Low Noise Amplifiers (LNA) and detectors at the operating
frequency band, i.e. W-band. Some companies commercialise low noise
amplifiers. Examples of these are Northrop Grumman Corporation (NGC)
[140], United Monolithic Semiconductor (UMS) [141], HRL Laboratories [142]
and OMMIC [143]. Their commercial MMIC LNAs at W-band can be seen in
Table 2.3. The most important parameters are highlighted in this Table: the
operating frequency band, the gain and the noise figure (NF).
Taking into account the sensitivity equation of a differential receiver
configuration (Eq. 1.12), it can be improved as the operating bandwidth at RF
increases and the noise temperature of the system decreases. Therefore, the
low noise amplifier to be selected has to be broad bandwidth and have small
contribution to the noise of the system, i.e. small noise figure. In this case,
the operating bandwidth of the W-band front-end receiver covers the entire
W-band. Thus, this is the minimum desired bandwidth. Other parameter to
be considered is the gain.
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Table 2.3 – Commercial MMIC Low Noise Amplifiers at W-band. The
manufacturers are (1) NGP, (2) UMS, (3) HRL and (4) OMMIC.
Part Description Frequency Gain NF
(GHz) (dB) (dB)
ALH283 (1) InP HEMT 80− 100 29 2.5
ALH495 (1) InP HEMT 80− 100 18 4.3
ALH497 (1) InP HEMT 80− 100 17 4.2
ALH503 (1) InP HEMT 80− 100 16 4.2
ALH504 (1) InP HEMT 80− 100 18 4.1
CHA1008 − 99F (2) HEMT 80− 105 16 5
LN4-110 (3) InP 75− 110 22 3.5
LN5-100 (3) InP 70− 100 24 3.5
CGY2190UH/C2 (4) MHEMT 75− 110 23 2.8
(a) (b)
Figure 2.13 – a) LN4-110 Low Noise Amplifier of HRL Laboratories and
b) CGY2190UH/C2 Low Noise Amplifier of OMMIC.
According to this Table, both LN4-110 and CGY2190UH/C2, see Fig. 2.13,
meet the bandwidth requirement being better the gain and the noise figure of
the second device. However, the bias circuit in the second case has to be done
from both the top and the bottom sides. This complicates the design of the two
amplification branches of the front-end. The main problem is that the distance
between these two branches has to be increased in order to have enough space
for the bias circuit bonds. This also implies an increase in the length of the
microstrip lines of the planar circuit which produces higher dielectric losses.
For these reason, the selected MMIC Low Noise Amplifier is the LN4-110 of
HRL Laboratories, whose bias can be done only from the top side.
The LN4-110 is a four stage MMIC amplifier that covers the entire
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Figure 2.14 – S-parametes of the LN4-110 Low Noise Amplifier given by HRL
Laboratories.
W-Band. The amplifier is fabricated using HRL’s passivated H2 InP HEMT
process. The LNA has a single drain supply and it is typically used with
an independent gate bias for the first stage and a common gate bias for the
remaining stages. The dimensions of the chip are 1 x 2.08 x 0.05 mm. Its
typical gain and return loss performance are shown in Fig. 2.14.
Fig. 2.15 shows the assembly diagram of the LN4-110, it consists of input
and output 50 Ω microstrip lines connected to the input and output ports
of the amplifier by gold wires just like the MMIC attenuator. However, in
this case the recommendation is to use ribbon wires instead of standard gold
wires. Moreover, the ground contact is ensured by welding the component
on the ground plane by silver epoxy. The bias circuit has to be connected
from the top of the chip through a series of surface mount capacitors. The
recommended values of these capacitors are specified in this Figure. In order
to remove spurious oscillations of the amplifier which penalise its performance,
it has to be place inside a 1.27 mm width channel.
2.3.3.3 W-band detector
The search of a MMIC detector that works along the entire W-band has
been more difficult. In fact, only two companies have been found, i.e. HRL
Laboratories [144] and Virginia Diodes Inc. (VDI) [145]. On the one hand,
HRL Laboratories commercialises two different models of MMIC detector
diodes at W-band, i.e. DD2 and V1A, see Fig. 2.16 a) and b) respectively. The
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Figure 2.15 – Typical assembly diagram of the LN4-110 Low Noise Amplifier
given by HRL Laboratories.
only two differences between these two components are the maximum input
power and the dimensions. Although the size of the DD2 detector is smaller,
it can not support input powers above −30 dBm. In the V1A detector, the
maximum input power is −10 dBm. On the other hand, VDI commercialises
the W band ZBD detector diode which is shown in Fig. 2.16 c). This diode
is the smallest one. However, it is worse in terms of sensitivity and noise
equivalent power (NEP). The sensitivity of HRL detectors is higher, 7 V/mW
compared to 2 V/mW of the VDI diode. Moreover, The NEP of the VDI diode
doubles the NEP of the HRL detectors. Therefore, for our application, HRL
detectors are more suitable to be used in the W-band auto-calibrated receiver.
The selected MMIC detector at W-band is the V1A whose dimensions are
0.74 x 1.475 x 0.05 mm.
The V1A is a tunnel diode W-band square law detector fabricated using
InAs/GaAlSb growth. The zero bias diode produces a DC voltage proportional
to the input power with high sensitivity. Linearity is excellent up to the
−30 dBm input power level. Noise equivalent power is less than 1 pW/Hz1/2.
The detector is zero bias. Moreover, the assembly is the same as the
attenuator.
The return loss and the typical sensitivity performance are shown in
Fig. 2.17.
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(a) (b) (c)
Figure 2.16 – a) DD2 Detector and b) V1A Detector, both of HRL Laboratories,
and c) W band ZBD of Virginia Diodes Inc. (VDI).
(a)
(b)
Figure 2.17 – a) Return loss and b) typical sensitivity performance of the V1A
detector of HRL Laboratories.
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(a) (b)
Figure 2.18 – The designed WR10 to microstrip transition for the W-band
auto-calibrated receiver and its parameters.
2.3.4 WR10 waveguide to microstrip transition
A WR10 waveguide to microstrip transition has been also designed in order
to connect the receiver to a standard horn antenna or to the test equipment
required for characterization. This facilitates the comparison between the
proposed receiver and a commercial W-band receiver based on a direct
detection scheme. Therefore, the receiver under study will consist of the WR10
waveguide to microstrip transition shown in this Subsection and the balanced
structure based on the differential configuration.
Several types of waveguide to microstrip transition have been previously
proposed. These types can be classified depending on the field propagation
direction in the waveguide and in the microstrip line. Section 4.3 explains
in detail this classification. Therefore, this Subsection is only focused on the
design of the selected transition.
The designed WR10 waveguide to microstrip transition for the receiver
consists of a probe placed in the E-plane of the waveguide [146]- [148], see
Fig. 2.18. This probe is an extension of the microstrip line which is introduced
in the waveguide through a small aperture in the broad wall. The ground plane
under the probe is removed.
The main advantages of this transition is that good return and insertion
losses have been experimentally obtained at W-band in [147] and [148].
Besides, the microstrip circuit is welded in order to ensure the electrical
connection between the metal block and its ground plane. This fact avoids
misalignments between probe and waveguide.
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Figure 2.19 – S-parametes of the designed WR10 to microstrip transition.
The simplest design of this type of transition was chosen without
considering modifications in the waveguide part as those proposed in [148].
This E-plane probe is placed at a distance of a quarter guided wavelength,
λg/4, with respect to the waveguide short. Its bandwidth is improved by a
multi-section matching transformer implemented in the microstrip line. The
design parameters of the transition can be seen in Fig. 2.18 b) and their
optimized dimensions are shown in Table 2.4. Note that the used substrate
is the same as in the W-band quadrature hybrid coupler, i.e. 0.127 mm thick
Rogers RT/Duroid 5880 whose considered dielectric loss tangent at W-band is
0.01. Due to the requirements of the substrate cutting method, the substrate
has a triangular shape inside the waveguide. This makes the window in the
waveguide wall larger than usual. However, it does not affect the transition
performance.
Table 2.4 – Dimensions (mm) of the designed WR10 to microstrip transition
based on the E-plane probe.
wm ws w1 w2 ls l1 l2
0.4 0.3 0.1 0.2 0.8 0.12 0.45
Fig. 2.19 shown the calculated S-parameters of the transition. As can
be seen, the insertion losses are lower than 1.7 dB along the entire W-band.
Moreover, the return losses are better than 11 dB. In the central part, i.e.
85-95 GHz, the insertion losses are lower than 0.8 dB and the return losses are
better than 22 dB.
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2.4 Conclusions
In this Chapter, the theoretical analysis of the differential configuration of the
W-band auto-calibrated receiver has been carried out. With this analysis, the
two main advantages of this configuration have been demonstrated. Firstly,
its capability to separate the input and reference signals and to perform
the internal calibration of the system. And secondly, the reduction of the
effect of gain and noise fluctuations since their contribution in both the
amplified signals are equal. Therefore, their effects are removed by including a
subtracting operation in the post-detection stage of the receiver. Afterwards,
taking into account the planar structure of the W-band auto-calibrated
receiver, a low loss dielectric substrate required to minimize the dielectric losses
has been selected in this Chapter. This is important because some receiver
components such as the WR10 waveguide to microstrip transition and the
two quadrature hybrid couplers are built on this substrate. Their dielectric
losses increase the system noise temperature and penalize the sensitivity of
the receiver. Moreover, the designs of these microstrip components and the
selection of the suitable MMIC devices such as low noise amplifier, attenuator
and detectors have been presented.

Chapter 3
Analysis of the W-band
auto-calibrated receiver
3.1 Introduction
Once the W-band auto-calibrated receiver and its components have been
explained, this Chapter will deal with the analysis of its performance. The
proposed W-band auto-calibrated receiver built in planar technology is shown
schematically in Fig. 3.1. Both the designed microstrip components and the
commercial MMICs are included in the receiver. On the one hand, the designed
components in microstrip technology are the WR10 waveguide to microstrip
transition, which enables the connection of the planar receiver with waveguide
based equipment, and the W-band quadrature hybrid couplers. On the other
hand, the commercial MMICs are the W-band Low Noise Amplifiers LN4-110,
the W-band Detector Diodes V1A and the 10 dB attenuator TGL4201-10.
The RF connections between microstrip components and MMIC devices are
carried out by gold wire bondings. Therefore, the total dimensions of the
W-band auto-calibrated receiver is 7 mm wide, 32 mm long and 0.127 mm
thick taking into account the length of the WR10 waveguide section.
The analysis of the planar receiver in terms of reflection coefficient,
amplification and also, noise temperature and noise figure. It has been
performed using the SW package Advanced Design System (ADS) by Keysight
Technologies. This analysis has been carried out along the entire W-band
excluding diode detectors.
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Figure 3.1 – Layout of the designed W-band auto-calibrated receiver.
In this Chapter, three analysis have been done in order to study the
differential configuration of the receiver and the effect of each component on
its performance. In the first analysis, the differential configuration with ideal
components is considered to demonstrate its behaviour. Moreover, the effect
of gain and noise imbalance of the amplifiers on its output signals is studied.
Next, each real component of the receiver has been introduced to study its
influence on the reflection coefficient, amplification and noise figure. Finally,
gold wire bondings needed to connect 50 Ω microstrip lines with MMIC devices
have been taken into account in the performance of the receiver.
3.2 W-band receiver with ideal components
The behaviour of the receiver considering ideal components is first studied.
Some of the advantages of its differential configuration were already mentioned
in Chapter 2. On the one hand, the configuration is able to separate input
signals when the gain of the amplifier branches are identical. On the other
hand, any gain or noise fluctuation in the amplifiers identically affects both
output signals allowing to eliminate its effect. In this Section, ADS simulations
have been carried out in order to demonstrate these statements. To this end,
a receiver with ideal components has been introduced in ADS.
The receiver under study consists of two quadrature hybrid couplers and
two amplifier branches, see Fig. 3.2. Ideal components for the quadrature
hybrid couplers and low noise amplifiers have been selected. The S parameters
of these components are depicted in Fig. 3.3 a) and b) respectively. In
Fig. 3.3 a), S21 corresponds to the direct port whilst S31 corresponds to the
coupled port of the coupler. The ideal quadrature hybrid coupler has a flat
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Figure 3.2 – ADS schematic of the ideal receiver.
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Figure 3.3 – a) S parameters and phase of the output ports of the ideal
quadrature hybrid coupler and b) S parameters and noise figure of the ideal
low noise amplifier.
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response along the entire W-band keeping a 90◦ phase difference between its
two outputs. Note that the defined parameters of the amplifier are the same
as the nominal characteristics of the commercial LN4-110, i.e. gain= 22 dB
and NF= 3.5 dB. Moreover, perfectly matched input and output ports are
supposed.
It is important to remember that the expected output signals of the
considered receiver in ADS simulation, i.e. v1,in for the first output and v2,in
for the second output, are as follows:
v1,in =
√(
B
2
(g1 + g2)
)2
+
(
A
2
(g1 − g2)
)2
+
(
1√
2
(n1g1 + n2g2)
)2
(3.1)
v2,in =
√(
A
2
(g1 + g2)
)2
+
(
B
2
(g1 − g2)
)2
+
(
1√
2
(n1g1 + n2g2)
)2
(3.2)
An AC simulation has been performed in order to obtain the effect of
the components on the output signals of the receiver. This facilitates the
demonstration of the mentioned statements. If the reference and unknown
input signals of the configuration, i.e. B and A, are noise defined as −69.8
and −65.6 dBm respectively and identical amplifiers are considered, the
output signal in the first and second branches are −47.8 and −43.6 dBm,
which correspond to the amplified reference signal and the amplified unknown
signal. Therefore, both input signals have been separated by the differential
configuration. With respect to the noise, the same contribution is obtained
in each output, which corresponds to a noise figure of 3.5 dB. This value is
identical to the noise figure of each amplifier, since these are the only elements
that generate noise in the receiver.
When a difference between amplifier gains is introduced, i.e. g2 = g1+∆G,
the following equations define the output signals of the configuration:
v21,in =
(
B
2
(2g1 +∆G)
)2
+
(
A
2
∆G
)2
+
(
1√
2
(n1g1 + n2 (g1 +∆G))
)2
(3.3)
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Figure 3.4 – Output (dBm) of the differential receiver depending on the gain
imbalance, i.e. ∆G. The input reference noise is −69.8 dBm and the input signal
noise is −65.6 dBm.
v22,in =
(
A
2
(2g1 +∆G)
)2
+
(
B
2
∆G
)2
+
(
1√
2
(n1g1 + n2 (g1 +∆G))
)2
(3.4)
As can be seen, part of the unknown signal, A, is coupled to the reference
branch, i.e. v1,in, and part of the reference signal, B, is coupled to the signal
branch, i.e. v2,in,. The smaller the gain imbalance between amplifiers, the
smaller the undesired coupled signals in each output. For instance, when
a reference and unknown input signals of −69.8 and −65.6 dBm, and also
∆G = −1 dB are considered, i.e. g1 = 22 and g2 = 21 dB, the output signals
are −46.9 and 43.5 dBm. In this case, the 4.2 dB difference between both
signals is not kept due to the coupling. The effect of this coupling depending
on the gain imbalance can be seen in Fig. 3.4.
However, the subtracting operation implemented after the diode detectors
removes the effect of this coupling because the contribution of this gain
imbalance is identical in both input signals. It can be seen in Eq. 3.5 where
both input signals, i.e. A and B, are multiplied by the same gain factor.
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Figure 3.5 – Noise Figure of the differential receiver depending on the noise
figure imbalance between amplifiers.
V2 − V1 = A2βg1 (g1 +∆G)−B2βg1 (g1 +∆G) (3.5)
As can be seen in this Equation, the contribution of the noise generated
by the amplifiers has been removed by the subtracting operation.
Regarding the imbalance of the noise figure of the receiver, if NF2 =
NF1 − 1 dB and NF1 = 3.5 dB, the obtained noise figure is 3 dB in each
output. This value is a combination of NF1 and NF2 produced by the output
quadrature hybrid coupler. Therefore, the imbalance in the noise figure of the
amplifiers similarly affects both outputs as it is shown in Fig. 3.5. This Figure
depicts the noise figure of the receiver in each output depending on the noise
figure imbalance of the amplifiers. The noise figure in both outputs are the
same.
The theoretical performance of the ideal receiver has been demonstrated
by simulation in this Section. However, the designed microstrip and MMIC
components are not ideal and it is needed to analyse their effect in the
performance of the receiver.
3.3 W-band receiver with real components
In order to introduce the proposed receiver in ADS, the models of each
designed microstrip component and commercial MMIC devices have to be
defined. The models of the required real components are shown in Fig. 3.6
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(a) (b)
(c)
Figure 3.6 – ADS models for the a) designedW-band quadrature hybrid coupler,
b) commercial LNA, i.e. LN4-110, and c) commercial attenuator, i.e. TGL4201-
10.
and their electromagnetic behaviour can be seen in Fig. 3.7. These components
are:
• The designed W-band quadrature hybrid coupler, see Fig. 3.6 a), which
is defined by its S parameters obtained by HFSS, which were shown in
Section 2.3.2.
• The commercial MMIC amplifier LN4-110, see Fig. 3.6 b). Its model
includes two terms. On the one hand, a Noisy2Port element has been
added in order to generate the noise figure of the amplifier. The used NF
is that given by the manufacturer, i.e. 3.5 dB. On the other hand, the S
parameters have been defined by the file given by the manufacturer.
• The MMIC attenuator TGL4201-10, see Fig. 3.6 c). Both attenuation
and reflection coefficient have been obtained from the graphs shown in
the component datasheet. Their worst values have been selected.
The effect of each component is discussed by simulation in terms of
noise figure, noise temperature, amplification and reflection coefficient of
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Figure 3.7 – a) S-parameters and b) phase of the coupling parameters of the
designed W-band quadrature hybrid coupler and difference between them. c) S
parameters and noise figure of the commercial low noise amplifier and d) S
parameters of the commercial attenuator.
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the receiver. Moreover, the substrate losses and the transition between
WR10 waveguide to microstrip line are studied because these components
are also part of the real implementation of the receiver. These analysis have
been carried out by means of S parameter simulation in ADS. This type of
simulation allows the calculation of S parameters and noise within a specified
frequency band.
3.3.1 MMIC attenuator
Firstly, the commercial MMIC attenuator is included in the isolated port of
the input quadrature hybrid coupler. Ideal components for the rest of the
devices are taken into account, as can be seen in Fig. 3.8.
The obtained noise figure in the signal branch, i.e. port number 3 in
Fig. 3.8, is 3.5 dB, the same value as in the ideal receiver. This also corresponds
to the noise of the amplifier because the contribution of the attenuator in this
output is non-existent when identical amplifiers are considered in terms of gain
and noise. However, the noise figure given by ADS in the reference branch,
i.e. port number 2 in Fig. 3.8, is 34.5 dB. This value is too high and erroneous
due to two reasons. On the one hand, the software considers the input port
of the unknown signal, i.e. antenna port in Fig. 3.8, as the input noise port
in the calculation. When identical amplifiers and ideal quadrature hybrid
couplers are taken into account, the noise contribution of the antenna port
is insignificant in this reference output. This increases the noise figure. On
the other hand, the attenuator is considered as a noisy element within the
receiver and it is the main noise source in this output. The input noise port of
this output should be the attenuator itself. Therefore, from now on, the noise
figure will be only analysed in the signal branch of the receiver.
3.3.2 Low noise amplifiers
Secondly, the commercial amplifiers are also included in the schematic of the
receiver as can be seen in Fig. 3.9.
The noise contribution of the commercial amplifiers model is the same as in
the ideal model, therefore, the obtained noise figure of the receiver in the signal
branch is identical, i.e. 3.5 dB. However, the commercial amplifiers determine
the reflection coefficient and the amplification of the receiver, which are shown
in Fig. 3.10. Whereas the reflection coefficient of the receiver was kept constant
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Figure 3.8 – ADS schematic of the ideal receiver with the commercial attenuator
in the isolated port of the input quadrature hybrid coupler.
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Figure 3.9 – ADS schematic of the ideal receiver with the commercial attenuator,
which is placed in the isolated port of the input quadrature hybrid coupler, and
commercial low noise amplifiers.
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Figure 3.10 – Amplification and reflection coefficient of the receiver taking into
account real models for the attenuator and the commercial amplifiers.
to −39 dB in the previous case, i.e. taking into account ideal amplifiers and
couplers but the real attenuator, in this case, it is below −30 dB and it follows
the same curve as the reflection coefficient of the amplifiers. With respect to
the amplification of the receiver it is mainly defined by the amplifiers. For
instance, its value at 92.5 GHz is 23.5 dB, see Fig. 3.10.
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Figure 3.11 – ADS schematic of the receiver with the commercial attenuator,
which is placed in the isolated port of the input quadrature hybrid coupler, the
commercial amplifiers and the designed W-band quadrature hybrid couplers.
3.3.3 Quadrature hybrid couplers
The effect of adding the designed W-band quadrature hybrid couplers has
been studying below. These couplers are not ideal. Their coupling range is
between 3.03 and 3.86 dB. Moreover, the phase difference between direct and
coupled ports is 90◦ ± 3◦. In addition, the losses in the quadrature hybrid
couplers generate noise. Therefore, the quadrature hybrid couplers are noisy
elements in the receiver. The schematic of the proposed receiver taking into
account real models for attenuator, low noise amplifiers and quadrature hybrid
couplers are shown in Fig. 3.11.
The obtained noise figure of the receiver and its amplification and reflection
coefficient can be seen in Fig. 3.12. The amplification of the receiver is
penalized by the losses of the quadrature hybrid coupler. For example, the
reduction is 2.08 dB at 92.5 GHz. Moreover, the reflection coefficient of the
system increases because of the addition of these real components. With
respect to the obtained noise figure of the receiver, it increases to at least
4.5 dB, being higher in the limits of the W-band due to the imbalance between
the direct and coupled ports in the quadrature hybrid couplers. This effect is
higher at the highest frequency limit of the W-band. This is produced by the
noise introduced by the W-band quadrature hybrid coupler in its direct and
coupled ports, see Fig. 3.13. This noise corresponds to the losses in the device
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Figure 3.12 – S parameters and noise figure of the receiver taking into account
real models of attenuator, commercial amplifiers and quadrature hybrid couplers.
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Figure 3.13 – Noise figure in direct and coupled ports of the designed W-band
quadrature hybrid coupler.
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Figure 3.14 – Cascade of stages.
which increases with frequency.
If the proposed receiver is considered as a cascade of stages, see Fig. 3.14,
the total noise figure, i.e. NFSN , can be calculated using Friis equation, see
Eq. 3.6, where NFi and Gi correspond to noise figure and gain of the i-th
component.
NFSN = NF1 +
NF2 − 1
G1
+
NF3 − 1
G1G2
+ ...+
NFN − 1
G1G2 · · ·GN−1 (3.6)
Paying attention to this formula, the identification of components which
contribute to the system noise figure is feasible. The components which mainly
contribute to the noise of the system are the input quadrature hybrid coupler
of the receiver and the amplifiers. The noise figure of the amplifiers is constant
along the entire W-band, therefore, the noise system curve is affected by
the input quadrature hybrid coupler. The output quadrature hybrid coupler
hardly contributes to the noise system because it is behind the amplifiers
whose gains are high enough.
3.3.4 Substrate losses
The 50 Ω microstrip lines have been lengthened in order to have enough
space to place the required bonds to polarise the MMIC amplifiers and also
to connect the rest of the planar components. These microstrip lines have
dielectric losses due to the selected substrate, i.e. 0.127 mm thick RO5880.
Therefore, they also contribute to the noise of the receiver.
The ADS model of a microstrip line is shown in Fig. 3.15 in which the
properties of the dielectric substrate must be previously defined in the MSUB
block. The main properties are the dielectric thickness, H, the dielectric
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Figure 3.15 – ADS model for the definition of substrate losses.
Figure 3.16 – ADS schematic of the real receiver taking into account substrate
losses.
constant, Er, the thickness of the copper clad, T, and the dielectric loss
tangent, TanD. Note that the dielectric loss tangent of the substrate has been
specified as 0.01. With respect to the microstrip line model, i.e. MLIN block
in Fig. 3.15, the requirements are the width of the microstrip line which defines
its impedance, W , and its length, L.
The required microstrip lines have been included in the schematic of the
receiver, as can be seen in Fig. 3.16. These are placed before and after the
amplifiers and, besides, before the outputs of the receiver in order to connect
them with the diode detectors.
The dielectric losses of the microstrip lines penalise the amplification of the
receiver whereas they have a negligible effect in the reflection coefficient, see
Fig. 3.17. The reduction of the amplification produced by the substrate losses
is 1.18 dB at 92.5 GHz. Therefore, the amplification of the receiver is 20.24 dB
at this frequency. Regarding the noise figure of the system, it increases as
expected. The average increase is approximately 0.5 dB. Moreover, the noise
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Figure 3.17 – S parameters and noise figure of the real receiver taking into
account substrate losses.
figure curve is not as flat as in the previous analysis because the dielectric
losses increases with frequency.
3.3.5 WR10 waveguide to microstrip transition
Finally, the model of the designed WR10 waveguide to microstrip transition is
defined and included in the schematic. The model is based on its S parameters
obtained by HFSS. The model and its performance are shown in Fig. 3.18. As
can be seen, the insertion losses of the transition are around 0.8 dB in the
central part of the frequency band. However, these losses increases when
the frequency moves away from this central part. This increment is more
pronounced at the highest limit of the W-band. Therefore, although the
expected noise figure of this component is small, it is slightly higher at higher
frequencies.
The schematic of the proposed receiver in which the designed WR10
waveguide to microstrip transition has been included are shown in Fig. 3.19.
Now, the first noisy component of the proposed receiver is this transition.
The insertion losses of the transition mainly penalise the amplification of
the receiver at the lowest and highest limits of W-band, see Fig. 3.20. The
amplification of the receiver at 92.5 GHz is 19.9 dB. Furthermore, the noise
figure of the system increases to at least 5.2 dB. As can be seen in this Figure,
the noise figure increases with frequency and it is more pronounced at higher
frequencies due to the noise contribution of this first element, i.e. the WR10
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Figure 3.18 – a) ADS model for the designed WR10 to microstrip transition
and b) its S parameters.
Figure 3.19 – ADS schematic of the real receiver taking into account substrate
losses and WR10 waveguide to microstrip transition.
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Figure 3.20 – S parameters and noise figure of the real receiver taking into
account substrate losses and the WR10 waveguide to microstrip transition.
waveguide to microstrip transition. Regarding reflection coefficient, it has also
been modified although it remains below −10 dB.
The noise temperature of the proposed W-band receiver with the designed
microstrip components and commercial MMIC devices is shown in Fig. 3.21.
It is below 1417.1 K along the entire W-band and specifically, 711.2 K at
92.5 GHz. The sensitivity of the receiver can be calculated using Equation 1.12
shown in Section 1.1.3 considering 1 KHz video bandwidth, which corresponds
to an integration time of τLF = 1 ms, an operation HF bandwidth of the
receiver BHF = 35 GHz (from 75 to 110 GHz) and the noise temperature
obtained in this simulation. This calculation demonstrates that the expected
sensitivity of the proposed receiver is better than 0.34 K along the entire
W-band and it is 0.17 K at 92.5 GHz. These are good results if we compare
them with other commercial W-band receiver as those formerly commercialised
by Anteral [?] whose sensitivity is 0.7 K taking into account an operating
frequency bandwidth from 80 to 100 GHz. If the full W-band is considered as
its operating band, the sensitivity of this commercial system will be 0.53 K.
This value is still higher than our expected sensitivity.
Although this simulation suggests that low noise temperature and
therefore, good sensitivity can be achieved with the differential configuration of
the proposed receiver, in practice the realization of ideal connections between
elements is not possible. These connections require gold wire bondings at this
high frequency. Therefore, it is important to calculate the contribution of gold
wire bondings to the noise temperature of the system.
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Figure 3.21 – Noise temperature of the real receiver taking into account
substrate losses and WR10 waveguide to microstrip transition.
Figure 3.22 – ADS model for gold wire bonding.
3.4 Effect of the gold wire bondings
In order to study the effect of the wire bondings, a third analysis has been
carried out. In this case, a model of the gold wire bondings has been defined,
as shown in Fig. 3.22. There are some parameters to establish the shape of
this type of connection. The most important parameters of the model are:
• The radius of the bondwire, i.e. Rw = 12.5 µm,
• The total distance the wire expands, i.e. Gap.
• Start height of the bondwire above the ground plane, i.e. StartH. It is
defined by the thickness of the substrate.
• Maximum height of the bondwire above the ground plane, i.e. MaxH. It
has been fixed to 180 µm.
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• Stop height of the bondwire above the ground plane, i.e. StopH. The
thickness of the MMIC component determines this value.
• The conductivity of the wire, i.e. Cond. In this case, a gold wire is
recommended. Therefore, the conductivity is 45.5 MS.
The schematic of the receiver taking into account these gold wire bondings
between components can be seen in Fig. 3.23. They are placed in the input
and output ports for all MMIC devices. In this simulation the parameter
under study is the effect of the bondwires length in the receiver performance
in terms of input return losses and amplification of the system and also noise
temperature and figure.
All bondwires which are part of the receiver are considered identical, i.e
same shape and length, in order to simplify the analysis. The considered
values for bondwires lengths, i.e. the variable gap in the bondwires model, are
0.15, 0.20, 0.25 and 0.30 mm. These values are achievable in practice with the
available equipment.
The noise temperature and noise figure of the receiver with different lengths
of bondwires are depicted in Fig. 3.24 a) and b) respectively. These results
are compared to the receiver with ideal connections between microstrip and
MMIC components, i.e. the black line in the Figure. As can be seen, the
length of the bondwires is critical in the performance of the receiver because
a standing wave is created due to reflections in the wire junctions. Moreover,
lengths above 0.20 mm drastically increase both noise temperature and noise
figure in specific frequency ranges within the W-band. This implies a loss
of sensitivity in the receiver. For instance, the simulated noise temperature
of the W-band auto-calibrated receiver considering 0.20 mm long gold wire
bondings is less than 2800 K along the entire W-band. It almost doubles the
noise temperature obtained in the receiver with ideal connections. Therefore,
this provides a sensitivity of 0.67 K, which is comparable to those 0.7 K of
some W-band receivers formerly commercialised by Anteral [?].
Therefore, the length of the bondwires has to be carefully considered
in the assembly and connection between the components of the receiver to
obtain high sensitivity. Furthermore, these bondwires also deteriorate the
input return losses and the amplification of the radiometer as can be seen in
Fig. 3.25 b). This behaviour can be explained by means of a study of the
bondwire itself.
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Figure 3.23 – ADS schematic of the W-band auto-calibrated receiver based on
a differential configuration taking into account gold wire bondings connecting
elements.
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Figure 3.24 – a) Simulated noise temperature and b) noise figure of the
proposed W-band auto-calibrated radiometer considering different bondwire
lengths compared to the receiver with ideal connections.
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Figure 3.25 – a) Reflection coefficient and b) amplification of the proposed W-
band auto-calibrated radiometer taking into account the differential configuration
with and without gold wire bondings.
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(a) (b)
Figure 3.26 – Schematic of a) a bondwire connected to two matched ports and
b) a 50 Ω microstrip line and a bondwire connected to two matched ports.
Different lengths of a bondwire connected to two matched ports have
been taken into account in a ADS simulation, see the schematic shown in
Fig. 3.26 a). The longer the bondwire, the worse its reflection and transmission
coefficient as can be seen in Fig. 3.27. The matching of the bondwire is
penalised when a length over 0.15 mm is considered. Therefore, it creates an
undesired reflection.
Following the analysis, a microstrip line before the bondwire is included in
the schematic, see Fig. 3.26 b). The considered microstrip line is not perfectly
matched because its characteristic impedance is not exactly 50 Ω. For this
reason, a standing wave is created due to reflections in the wire junction
depending on the length of the microstrip line. This effect can be seen in
Fig. 3.28. A 0.25 mm long bondwire and different lengths of a 50 Ω microstrip
line, from 2 to 8 mm, have been taken into account in the simulation. As
expected, more reflections are created when the length of the microstrip line
increases.
Therefore, this study indicates that the reflection coefficient of the receiver
is mainly produced by its components placed before the first bondwires, i.e.
the bondwires at the input port of the amplifiers. These components are
the WR10 waveguide to microstrip transition, the attenuator and the input
quadrature hybrid coupler. If we analyse these first devices taking into account
ideal connections, see Fig. 3.29 a), its obtained reflection coefficient agrees well
with the reflection coefficient of the total receiver without bondwires. This
comparison can be seen in Fig. 3.30 a). This demonstrates that the rest of the
components have a negligible effect in this parameter. Thereby, the analysis
of the bondwires can be carried out for this part of the receiver.
Two 50 Ω microstrip lines and bondwires connected to the output ports
of the input quadrature hybrid coupler have been included, see the schematic
shown in Fig. 3.29 b). The considered 50 Ω microstrip lines and bondwires
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Figure 3.27 – a) Simulated reflection and b) transmission coefficient of a
bondwire connected to two matched ports. Different bondwire lengths have been
considered.
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Figure 3.28 – a) Simulated reflection and b) transmission coefficient of a
microstrip line and a bondwire connected to two matched ports. A 0.25 mm
long bondwire and different lengths of a 50 Ω microstrip line, from 2 to 8 mm,
have been taken into account in the simulation.
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(a) (b)
Figure 3.29 – Schematic of the first components of the receiver considered in
the following simulations of the reflection coefficient. a) With ideal connections
and b) considering 4.173 mm long microstrip line and 0.25 mm long bondwires
at the output ports of the input quadrature hybrid coupler of the receiver.
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Figure 3.30 – Comparison between the reflection coefficient of the total receiver
and the reflection coefficient of the first components of the receiver, i.e. from input
ports of the receiver to output ports of the input quadrature hybrid coupler.
a) Considering ideal connections and b) taking into account 4.173 mm long
microstrip lines and 0.25 mm long bondwires at the output ports of the input
quadrature hybrid coupler of the receiver.
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lengths are 4.173 mm and 0.25 mm respectively. The selected length
corresponds to the length of these microstrip lines in the real implementation
of the receiver. The comparison between reflection coefficients of this
configuration and the total receiver is depicted in Fig. 3.30 b). As it is
shown, the resonances of these two simulated parameters perfectly agree.
Therefore, it is demonstrated that these bondwires produce reflections which
create standing waves and the ripples shown in the receiver S11. This standing
wave has a period which depends on the electrical length of the components
placed before the bondwires.
In conclusion, the study of the effect of the bondwires demonstrates that
the reflection coefficient of the total receiver is mainly affected by the standing
wave created by the bondwires placed in the output ports of the input
quadrature hybrid coupler. This is because the matching of the bondwires
is penalised as their lengths increase. Therefore, these two bondwires should
be as short as possible in practical realization of the receiver in order to obtain
high sensitivity. However, their lengths will mainly depend on the distance
between the microstrip lines and the low noise amplifiers.
3.5 Conclusions
This Chapter has reported the analysis of the receiver performance using
the SW package Advanced Design System (ADS) by Keysight Technologies.
This analysis has been carried out along the entire W-band. Firstly, the
advantages of the receiver configuration, i.e. the reduction of the gain and
noise imbalance effect of the amplifiers and the internal calibration of the
system, have been demonstrated by means of an AC simulation taken into
account ideal components. Next, the effect of each microstrip component and
MMIC device has been discussed by simulation in terms of its impact on the
noise figure, noise temperature, gain and reflection coefficient. Indeed, as
Friis equation shows, the components which mainly contribute to the noise of
the receiver are its first components, i.e. the WR10 waveguide to microstrip
transition and the first quadrature hybrid and its input and output lines. It
is therefore important to minimize these losses by using a low loss tangent
substrate. The most critical part of the receiver has been demonstrated that
it is the length of the gold wire bondings since standing waves are created
due to reflections in the wire junctions. Specifically, lengths above 0.20 mm
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drastically increase the receiver noise temperature, which imply a loss of
sensitivity. Furthermore, these bondwires also deteriorate the input return
losses and the gain of the receiver. In conclusion, the length of the bondwires
have to be carefully considered in the assembly of the components of the W-
band auto-calibrated receiver to obtain high sensitivity.

Chapter 4
Characterization of the planar
components of the W-band
receiver
4.1 Introduction
This Chapter presents the fabrication and measurement of the planar
components of the W-band auto-calibrated receiver. These components are
microstrip devices and MMIC components at W-band. Microstrip devices
are built in 0.127 mm thick RO5880 substrate. Therefore, first of all, the
characterization of this substrate at this frequency range, i.e. W-band,
has been indispensable in order to validate these microstrip devices. This
facilitates the comparison between simulated and experimental results of these
components. Once the substrate has been characterized, the measurement of
the planar devices can be carried out. However, the available measurement
equipment is based on waveguide technology, which consists of two VDI W-
band VNA extenders connected to the Agilent PNA-X E3861C Microwave
Network Analyser. Therefore, the design of a WR10 waveguide to microstrip
transition suitable to characterize planar components has been required.
This transition is presented and validated in this Chapter. Next, the
characterization of the planar devices of the W-band auto-calibrated receiver,
such as the quadrature hybrid coupler and the commercial MMIC attenuator,
are carried out using the proposed WR10 waveguide to microstrip transition.
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Moreover, the experimental results of the commercial MMIC low noise
amplifier, which are measured at W-band by the manufacturer before the
delivery, are shown.
4.2 Characterization of dielectric substrates
Until now, the dielectric loss tangent of 0.127 mm thick RO5880 substrate
considered for the design of the microstrip components of the W-band auto-
calibrated receiver has been fixed to 0.01. As mentioned in Chapter 2, this
value is higher than that given by the manufacturer, which is measured at
10 GHz. This Section discusses the measurements carried out in order to
determine this value in W-band.
Both the dielectric constant and loss tangent of this and other potentially
low loss substrate in this frequency band have been retrieved following the
procedure described in [149] starting from their transmittance. In order
to measure the transmission coefficient of the substrates under study, two
different set-ups have been implemented.
First of all, the problem and its required assumptions are described.
Secondly, the problem has been simplified taking into account thin samples
because the thickness of our interest are smaller than the working wavelength.
Next, the set-ups and the measurement results of two different substrates are
explained and shown.
4.2.1 Complex transmission coefficient
The general schematic of the set-up considered to measure the transmission
of dielectric substrates can be seen in Fig. 4.1. It consists of a sample of
thickness d, which is referred as medium 2 in the Figure, placed between two
media, i.e. 1 and 3. The incident beam is supposed to be a plane wave which
goes through the sample from medium 1 to 3 at a normal incidence. Note that
in our case, both media 1 and 3 are air.
In order to retrieve the material properties, the normalised transmission
coefficient of dielectric substrates has to be obtain. This implies the
measurement of the transmission coefficient without the sample, i.e. the
reference, and with the substrate sample. Moreover, the retrieval of the
dielectric constant and loss tangent of these samples from the transmission
is feasible taking into account the following assumptions:
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Figure 4.1 – Schematic of the set-up considered to measure the transmission of
dielectric substrates.
• The sample is an homogeneous slab with parallel and flat faces.
• Both the sample and medium 1 and 3 are magnetically isotropic without
surface charges.
• The electromagnetic response of the three media is linear.
• The polarization of the incident beam is linear and parallel to the surface
of the sample.
With these assumptions, the following expression for the spectral
component at angular frequency ω of the electric field of the plane wave
transmitted through the sample is obtained as:
Ssample(ω) = η(ω)T12(ω)P2(ω, d)T23(ω)FP (ω)E(ω) (4.1)
where E(ω) is the electric field of the plane wave emitted by the
transmitting antenna, Tab(ω) =
2n˜a
n˜a + n˜b
corresponds to the transmission
coefficient from medium a to b, and P2(ω, d) = exp
[
−j n˜2ωd
c
]
is the
propagation coefficient in the sample over a distance d. In these expressions,
n˜a = na − jκa stands for the complex refractive index of medium a which
depends on the angular frequency ω. The reflection, transmission and
propagation coefficients in medium 1 and 3 are included in the term η(ω).
The backward and forward reflections in the sample, i.e. Fabry-Perot effect,
are represented by FP(ω):
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FP (ω) =
+∞∑
k=0
{
R23(ω)P
2
2 (ω, d)R21(ω)
}κ
(4.2)
in which R23(ω) =
n˜2 − n˜3
n˜2 + n˜3
and R21(ω) =
n˜2 − n˜1
n˜2 + n˜1
correspond to the
reflection coefficient at the 2 - 3 and 2 - 1 interfaces respectively.
The spectral component of the electric field of the plane wave transmitted
without the sample, i.e. the reference, is given by:
Sreference(ω) = η(ω)Pair(ω, d)E(ω) (4.3)
Therefore, the complex transmission coefficient T (ω) of the sample can be
obtained by dividing Ssample(ω) by Sreference(ω).
T (ω) =
Ssample(ω)
Sreference(ω)
=
T12(ω)P2(ω, d)T23(ω)FP (ω)
Pair(ω, d)
=
4n˜2
(n˜2 + 1)
2
exp
[
−j(n˜2 − 1)ωd
c
]
FP (ω) (4.4)
with FP (ω) =
1
1−
(
n˜2 − 1
n˜2 + 1
)2
exp
[
−2jn˜2ωd
c
] . As can be seen, the
complex transmission coefficient depends on the complex refractive index of
the sample, i.e. n˜2 = n2 − jκ2 and on the sample thickness, d.
4.2.2 Characterizing thin samples
The consideration of the Fabry-Perot effects in the complex transmission
coefficient is indispensable when thin samples are taken into account due to
multiple reflections in the substrate are superposed. The thickness of these
thin samples is comparable with the working wavelength.
The retrieval procedure consists of numerically adjusting the theoretical
solution to the experimental data. This is done for each frequency. The
starting point of the numerical solution comes from the very low reflection
assumption, so that:
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n2 ∼= 1− arg (Tmeasured(ω))
ωd/c
(4.5)
κ2 ∼= ln | Tmeasured(ω) |
ωd/c
(4.6)
The starting value of n2 has been obtained from the phase of the complex
transmission assuming no Fabry Perot effect. On the other hand, κ2 is mainly
dependent on the attenuation of the complex transmission coefficient. To
obtain the Equation 4.6, κ2 has been considered small enough to measured a
transmission signal, which is our case. The substrates we want to characterize
are low loss dielectrics.
For materials with high absorption, the measurement of the reflection
coefficient is more suitable. Other retrieval methods extract the material
properties from both the reflection and transmission coefficients of a planar
substrate sample. An example of these methods are those based on the
Nicolson-Ross-Weir (NRW) technique [150]- [153]. However, these methods
can not be considered here due to two main problems caused by the
measurement of the reflection coefficient. First, the difficulty of determining
the reference plane of the reflection coefficient which has to correspond to
the surface of the substrate sample. The other problem is caused by the low
level of reflection coefficient measured in low loss dielectrics. In particular,
the added noise in the reflection coefficient produced by the network analyser
makes the extraction of the material properties almost impossible.
Following the retrieval method from the transmittance, the dielectric
constant and the loss tangent of a non-magnetic and low loss substrate
are related to its complex refractive index by means of n˜2 = ǫ˜r, in which
ǫ˜r = ǫ1−jǫ2 corresponds to the complex relative permittivity of the substrate.
Its real part is the dielectric constant and it is related to the store energy within
the sample. It can be calculated as ǫ1 = n
2
2 − κ22. The imaginary part of the
relative permittivity is related to the dissipation of the energy in the sample
and it can be calculated as ǫ2 = 2nκ. Therefore, the dielectric loss tangent of
the substrate is tanδ =
ǫ2
ǫ1
=
2nκ
n2
2
− κ2
2
.
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(a)
(b)
Figure 4.2 – a) Schematic and b) photograph of the quasioptical set-up based
on lenses used to measure the transmission coefficient of substrate samples.
4.2.3 Measurement set-ups
In order to measure the transmission coefficient of thin substrate samples at
W-band, two different set-ups have been implemented. Both measurement
set-ups are far field configurations based on a quasioptical system. In the first
one, the radiation beam is focused on the sample by lenses [154], [155]. On
the other hand, the focusing method in the second set-up consists of a mirror
system in which a plane wave impinges on the sample at normal incidence.
In both systems the W-band signal is transmitted and received by two horn
antennas, which are connected to two W-band VDI VNA extenders of the
Agilent PNA-X E3861C Microwave Network Analyser.
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(a) (b)
Figure 4.3 – a) Photograph of the considered mirror system in order to measure
the transmission coefficient of a substrate sample. b) A 0.127 mm thick RO5880
substrate sample placed into the holder. It is required to measure the substrate
in this set-up.
4.2.3.1 Set-up based on lenses
The schematic of the first considered set-up can be seen in Fig. 4.2 a).
The lenses included in this system are two different pairs of plano-convex
lenses [155]. The beam waist diameter of this set-up in the sample position is
theoretically 7 mm at W-band.
A photograph of this set-up is shown in Figure 4.2 b). The alignment of
the elements must be carefully ensured. Thus, optical holders have been used
to assemble the system.
4.2.3.2 Set-up based on mirrors
The second considered set-up is a quasioptical bench based on mirrors, as
shown in Fig. 4.3 a). The expansion of the Gaussian beam generated by a
corrugated horn antenna is controlled by four ellipsoidal mirrors. As a result, a
plane wave impinges on the sample at normal incidence. The distance between
mirrors is 28 cm. The distance between the phase center of the antenna and
the first mirror, and also, between the sample and mirrors is 14 cm. In this
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case, the beam waist diameter in the sample position is approximately 35 mm.
Therefore, in order to ensure the sample flatness, it has to be placed into a
holder, which has a diameter of 65 mm, see Fig. 4.3 b). It is larger than the
beam waist in order to minimize diffraction. The only moving part in this
set-up is the piece which attaches the holder.
4.2.4 Experimental results
As mentioned before, the values of the dielectric constant and loss tangent
of the 0.127 mm thick RO5880 substrate given by the manufacturer are not
demonstrated to be accurate at higher frequencies. Therefore, the RO5880
substrate has been characterized in these two measurement set-ups. Moreover,
another low loss dielectric has been measured. This substrate is the Cyclic
Olefin Copolymer (COC) manufactured by Topas Advanced Polymers [156].
It has been recently used to design a Sub-Harmonic Mixer at millimeter wave
frequencies in [157] taking advantage of its low dissipation factor. Moreover, it
is interesting because its dielectric constant, which is similar to that of RO5880
substrate, and loss tangent have been measured in the mentioned article using
the Teraview Spectra 3000 TDS system [158]. These measured parameters
are constant from 400 GHz to 1 THz, and their values are 2.34 and 0.002
respectively. At lower frequencies, the Teraview Spectra 3000 does not have
enough dynamic range to accurately characterize the material. However, these
results can help us to validate our characterization method at W-band.
Therefore, different thicknesses of both substrates, i.e. RO5880 and COC,
have been characterized with the quasioptical set-ups.
4.2.4.1 Set-up based on lenses
With the first set-up, which consists of lenses, two different thicknesses of
RO5880 and COC have been characterized: 0.127 and 0.797 mm for RO5880
substrate and 0.100 and 0.152 mm for COC substrate. The magnitude and
phase of the measured transmittance of different thickness of RO5880 and
COC substrates can be seen in Fig. 4.4. Some measurements have been done
for each material and thickness in different days. However, the two measured
transmittances which differ most are shown in the Figure for each thickness
of dielectric substrate. As can be seen, the differences are larger in magnitude
than in phase. Although the thicknesses of these substrates are different, we
can roughly compare the results for the 0.100 mm thick COC substrate to
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Figure 4.4 – a) and b) Magnitude of the measured transmittances of different
thickness of RO5880 and COC substrates respectively. c) and d) Phase of the
measured transmittances of different thickness of RO5880 and COC substrates
respectively. The measurements have been obtained using the quasioptical set-up
based on lenses.
the 0.127 mm thick RO5880 substrate. As can be seen, this COC substrate
has higher transmittance than the RO5880 substrate. Therefore, given the
fact that both have similar permittivity, the expected dielectric loss tangent
of COC is smaller.
These results have been processed with the extraction method explained
in previous Subsections. Fig. 4.5 shows the resulting dielectric constant and
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Figure 4.5 – a) and b) Retrieved dielectric constant of different thickness of
RO5880 and COC substrates respectively. c) and d) Retrieved dielectric loss
tangent of different thickness of RO5880 and COC substrates respectively. The
measurements have been obtained using the quasioptical set-up based on lenses.
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loss tangent of the different thickness RO5880 and COC substrates. As can
be seen, the retrieved dielectric properties from the two measurements of
each thickness, i.e. the two most differ measured transmittances, have been
depicted in this Figure. The calculated dielectric constant of RO5880 and COC
substrates at W-band are approximately 2.22 and 2.25 respectively. Moreover,
the results show that the loss tangent of the COC substrate is smaller than
that of the RO5880 substrate, as expected. Their values are approximately
0.002 for COC substrate and 0.01 for RO5880 substrate at the central part of
the W-band. Note that some values in the limits of the W-band are negative
because they are affected by the time gating applied in the measurements. This
time gating effect can be also seen in the measured transmittances shown in
Fig. 4.4. These retrieved values are identical for different thicknesses of the
same substrate. In addition, the obtained loss tangent of the COC substrate
agrees well with the measured value given in [157]. Therefore, the retrieval
method and also the measurement set-up have been validated.
4.2.4.2 Set-up based on mirrors
With the second set-up, different thicknesses of RO5880 have been charac-
terized. COC substrate can not be measured due to its cracking when it is
placed into the holder. The substrate needs to be drilled in order to tighten
the screws which fit the two pieces of the holder. The considered thicknesses
of COC substrates are thin and fragile and when drilled cracks.
As in the set-up based on lenses, some measurements have been done for
each substrate thickness in different days. Fig. 4.6 shows an example of the
measured transmittance of three different thicknesses of RO5880. Note that
the measurements in the limits of the W-band are affected by the applied
time gating. In addition, the measurement results present an standing wave
in the module of the transmittance. This standing wave has the same period
in the measured transmittances of different thicknesses of RO5880 substrate.
This implies that it is produced by the measurement set-up. In particular,
it is generated by a reflection between the closest mirror of the sample and
the holder. Since the reference is measured without the holder, when it is
manually placed, a misalignment can create a reflection because the holder is
wide enough to affect the transmission beam.
The extracted dielectric constant and loss tangent for these measured
transmittances are shown in Fig. 4.7 a) and b). As can be seen, the retrieved
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Figure 4.6 – a) Magnitude and b) phase of the measured transmittance of
different thicknesses of RO5880 substrate. The measurement has been obtained
using the quasioptical set-up based on mirrors.
dielectric loss tangents fluctuate greatly due to problems in the measurement.
Indeed, the dielectric loss tangent depends mainly on the magnitude of the
measured transmission in which the standing wave appears. Therefore, this
standing wave also appears in the calculated dielectric loss tangents and
it makes the estimation of its value impossible. Conversely, the retrieved
dielectric constants of different thicknesses of RO5880 are in good agreement.
The position of the holder was improved in a second measurement in order
to minimize its reflections and to ensure a normal incidence of the transmitted
plane wave. The retrieved dielectric constant and loss tangent of different
thicknesses of RO5880 are shown in Fig. 4.7 c) and d). As in the previous
measurements, the values in the limits of the W-band are affected by the
applied time gating. The dielectric constants are around 2.22, which is the
same value obtained with the set-up based on lenses. With respect to the loss
tangents, see Fig. 4.7 d), their values are around 0.01. However, the standing
wave is also created in these measurements. Moreover, when the thickness
of the RO5880 substrate decreases, the retrieved values fluctuate more. The
reason is that this substrate is more flexible as the thickness decreases, and
when it is placed into the holder, it is bent and the impinging of the plane
wave at a normal incidence is not ensured.
In conclusion, this set-up and its holder have to be improved in order to
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Figure 4.7 – Retrieved dielectric constant and loss tangent of different
thicknesses of RO5880 substrate. The calculation has been done from the
measured transmittance using the quasioptical set-up based on mirrors. a) and
b) correspond to a first measurement and c) and d) correspond to a second
measurement improving the position of the holder.
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obtain accurate transmittance measurements. Some diffraction effects have
to be removed and the placement of thin flexible substrates into the holder
have to be improved. For these reasons, the first set-up based on lenses is
more appropriate for these measurements. Moreover, the viability of the first
set-up has been demonstrated by the calculation of the dielectric constant and
loss tangent of the COC substrate. Their obtained values are close to those
measured at 400 GHz in [157]. The beam waist of the set-up based on lenses
is smaller and it facilitates the alignment, the incidence of the plane wave
on the substrate sample and it minimizes the diffraction problems. The real
values of the dielectric constant and also the considered loss tangent of RO5880
substrate in our designs have been experimentally validated at W-band. These
values are 2.2 and 0.01 respectively.
4.3 Full W-band WR10− µStrip inline transition
The available measurement equipment to characterize the planar devices
of the W-band auto-calibrated receiver is based on waveguide technology.
This waveguide based equipment at W-band consists of two VDI W-band
VNA extenders connected to the Agilent PNA-X E3861C Microwave Network
Analyser. Therefore, first of all, the design of a suitable WR10 waveguide to
microstrip transition is required. This transition is presented and validated in
this Section.
The design of a broadband microstrip to waveguide transition with low
losses is indispensable in order to characterize the planar components of
the W-band auto-calibrated receiver with this waveguide based measurement
equipment and also, to be able to combine integrated circuits with waveguide
components such as horn antennas. Other requirements to take into account
are reduced size, simple design, easy alignment and manufacture which
facilitate the repeatability of the assembly.
Several configurations of microstrip to waveguide transitions have been
previously proposed depending on the field propagation direction both in the
microstrip and in the waveguide. The most popular type of microstrip to
waveguide transition is that in which the field propagation direction of the
microstrip is transverse in relation to the waveguide. Normally, this transition
consists of a probe placed in the E-plane of the waveguide [146]- [148]. This
probe is an extension of the microstrip which is introduced in the waveguide
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Figure 4.8 – Microstrip to waveguide transition based on a E-plane probe.
through a small aperture in the broad wall, see Fig. 4.8.
This E-plane probe is placed at a distance of a quarter guided wavelength,
i.e. λg/4, with respect to the waveguide short. The bandwidth of this
transition is improved by a multi-section matching transformer. In particular,
some transitions of this type have been presented operating in the full W-band
such as those proposed in [147] and [148] obtaining experimentally good return
and insertion losses, whose values at 92.5 GHz are 1.15 dB and 0.6 dB
respectively. However, the transition presented in [148] has a complicated
design since the optimization of up to 15 parameters is required. Despite their
good performance, these transitions have two main drawbacks. The first one
is that the microstrip circuit requires to be welded to ensure the electrical
connection between the waveguide and the microstrip, which complicates the
repeatability. The second one is that the input port is usually perpendicular
to the output port. This fact can make characterization of devices or antennas
a cumbersome task, since additional bent sections must be added. This last
problem is common to other type of transitions based on radiating elements
such as quasi-Yagi antenna [159] and slotline antenna [160].
An alternative to couple the TE10 waveguide mode and the quasi-TEM
microstrip mode is the use of an inline configuration in which the field
propagation direction in the waveguide is the same as in the microstrip.
Matching sections are used to optimize the transition both in the microstrip
line and in the waveguide. For example, the stepped ridged waveguide
[161], [162] uses a matching section in the waveguide part whereas in the
radial-shaped probe [163] the matching section is made on the microstrip.
Other possibilities are presented in [164] and [165] where matching sections in
both media are considered. The first one obtains measured insertion loss of
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(a) (b)
Figure 4.9 – Microstrip to waveguide transitions based on radiating elements
such as a) quasi-Yagi antenna and b) slotline antenna.
1.1 dB in a 2 GHz bandwidth around 9 GHz whereas the last one works in a
6 GHz bandwidth around 77 GHz obtaining an insertion loss of 1 dB at this
frequency.
In this Section, an inline microstrip to waveguide transition operating in
the full W-Band is presented and validated experimentally. This transition
provides some improvements with respect to [164]. First, in terms of
performance, its bandwidth has been broadened so that it covers the full
W-band. Moreover, it features better return loss and lower insertion
losses along the entire operating band. In addition, its manufacturing is
simpler, since the bottom lid is flat, and does not require any additional
machining, which can be cumbersome for W-band and even higher frequencies.
Furthermore, a thick ground plane is not needed to ensure the placement
of the microstrip circuit inside the waveguide transition. In conclusion, this
proposed transition has better performance, easier manufacture, alignment
and assembly than the low frequency version described in [164]. Also, note
that the proposed transition, in contrast to other inline designs that feature full
band performance [166], is a simpler design which does not use any soldering
and that does not require a ridge waveguide section, which can be difficult to
manufacture for W-band frequencies and above. These advantages avoid long
assembly times and facilitate the repeatability. Therefore, the proposed inline
transition is suitable for characterization of multiple devices built in planar
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(a) (b)
Figure 4.10 – The proposed inline microstrip to waveguide transition covering
the full W-band and its main parameters; a) Schematic of the complete transition.
b) Schematic of the microstrip section.
technology with waveguide based measurement equipment as in our case.
4.3.1 Design of the WR10 microstrip to waveguide transition
The proposed microstrip to waveguide transition operating in the full W-band
can be seen in Fig. 4.10. It couples progressively the quasi-TEM mode of the
microstrip line with the TE10 mode of the rectangular waveguide by means of
a broadband inline configuration.
The inline microstrip to waveguide transition consists of two parts:
• Transition from 50 Ω microstrip line to dielectric-filled rectangular
waveguide, see Fig. 4.10 b). It is built in 0.127 mm thick Rogers
RT/Duroid 5880 (ǫr = 2.2 and tanδ = 0.01 as experimentally measured
at W-band). The height of the dielectric-filled rectangular waveguide
corresponds with the thickness of the substrate and the width is 2.54 mm,
the same as the standard WR10 rectangular waveguide. A linear
microstrip taper of length Lt is used in order to achieve broadband and
low loss impedance matching.
• Transition from dielectric-filled rectangular waveguide to standard
WR10 rectangular waveguide. As can be seen in Fig. 4.10 a), the
substrate is gradually removed between the dielectric-filled and the air-
filled rectangular waveguide in order to reduce the return loss. Moreover,
a multisection Chebychev waveguide transformer is used to match
the 0.127 mm height rectangular waveguide with the 1.27 mm height
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Table 4.1 – Dimensions (mm) of the proposed WR10 waveguide to microstrip
transition.
a b W Wi Wt hi h1
2.54 1.27 0.40 2.54 0.60 0.16 0.25
h2 h3 Li Lt Ls Lm Lr
0.52 1.00 1.15 1.70 0.75 0.70 1.40
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Figure 4.11 – Simulated S parameters of the proposed inline microstrip to
waveguide transition over the W-Band.
standard WR10. Three λg/4 (quarter guided wavelength) sections are
implemented to obtain return loss above 15 dB over the full W-band.
Table 4.1 shows the dimensions of the designed WR10 waveguide to
microstrip transition. The definition of the different parameters are presented
in Fig. 4.10. Note that only those parameters in grey are used in the
optimization. The rest of them correspond to the input and output microstrip
and rectangular waveguides.
The simulated performance of this microstrip to waveguide transition are
shown in Fig. 4.11. The reflection coefficient is below −15 dB along the entire
W-Band. With respect to the transmission, at the central frequency of the
W-band, i.e. 92.5 GHz, the insertion loss is 0.73 dB being better than 0.9 dB
in the whole frequency band.
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(a) (b) (c)
Figure 4.12 – Photographs of the manufactured inline microstrip to waveguide
transition for a back-to-back measurement at W-band; a) waveguide block
b) 8.6 mm long microstrip section c) 15 mm long microstrip section.
4.3.2 Manufacturing of the WR10 microstrip to waveguide
transition
A back-to-back transition has been manufactured in order to characterize it
with the available measurement equipment. Fig. 4.12 shows photographs of
the manufactured prototype:
• The back-to-back aluminium waveguide transition was manufactured by
a high-precision milling tool. This structure can be seen in Fig. 4.12 a).
It contains two standard WR10 flanges in order to connect it with
waveguide based measurement equipment. The block has been split at
the lower edge of the waveguide along the H-plane in order to facilitate
the assembly. The two parts of each waveguide transition are fitted by
four M1.6 metal screws and their alignment is ensured by two dowel pins.
• The second part contains two microstrip transitions connected by a 50 Ω
microstrip line built in 0.127 mm thick RO5880 substrate. Two different
microstrip lengths, i.e. 8.6 mm and 15 mm (see Fig. 4.12 b) and c)),
have been manufactured in order to validate the designed transition
and also the dielectric losses of the substrate. These parts have been
98 4.3 Full W-band WR10 − µStrip inline transition
Figure 4.13 – Photograph of the working area of the LPKF Protolaser 200
machine.
manufactured by a LPKF ProtoLaser 200 micromachining system, see
Fig. 4.13. This machine has a 50 µm resolution. Thus, no problem
is presented in the manufacture of these circuits on a 0.127 mm thick
RO5880 laminate with 17 µm thick copper cladding on both sides.
The alignment of the microstrip part with respect to the waveguide is
ensured by the placement of four plastic screws and two dowel pins, see
Fig. 4.17.
Manufacturing tolerances
Any manufacturing method includes a discrepancy between the dimensions
of the design and the dimensions of the prototype. These tolerances can
penalize the performance of the proposed transition. Therefore, it is important
to analyse them. Thus, two manufacturing errors have been studied. On the
one hand, the effect of air gaps between the dielectric and the side metal walls
of the waveguide. On the other hand, the effect of air gaps between the metal
of the microstrip and the top and bottom walls of the waveguide. This error
causes the loss of the metal-to-metal contact in the transition.
Regarding the air gaps between the dielectric and the side walls of the
waveguide, a manufacturing error in the cut of the microstrip substrate by the
laser micromachining system has been considered. The tolerances in the side
walls dimensions of the waveguide are much smaller because of the milling tool
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Figure 4.14 – S-parameters of the proposed transition taking into account air
gaps between the dielectric and the side walls of the waveguide due to the cutting
error of the microstrip substrate; a) transmission and b) reflection coefficients.
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Figure 4.15 – S-parameters of the proposed transition taking into account an air
gap between the top metal of the microstrip and the top wall of the waveguide
due to the manufacturing error of the waveguide block; a) transmission and
b) reflection coefficients.
process. As can be seen in Fig. 4.14, the good performance of the transition
is kept up to at least 0.5 mm side air gaps, significantly larger than the error
of the cutting method of the microstrip circuit.
With respect to manufacturing tolerances in the aluminium waveguide
block, an air gap between the top metal of the microstrip circuit and the top
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Figure 4.16 – S-parameters of the proposed transition taking into account an
air gap between the ground plane of the microstrip and the bottom wall of the
waveguide; a) transmission and b) reflection coefficients.
wall of the waveguide can exist. It decreases the operating bandwidth of the
transition and increases the insertion losses when this air gap is larger than
0.025 mm, see Fig. 4.15. However, the error provided by the high-precision
micromachining of the waveguide part is smaller than 0.010 mm. Therefore,
this tolerance might penalise the insertion losses but the transition continues
working along the entire W-band.
Finally, Fig. 4.16 demonstrates that the existence of an air gap between
the ground plane of the microstrip and the bottom wall of the waveguide
has the same effect as air gaps in the top part. In this case, the operating
bandwidth of the transition does not cover the full W-band when the air gap
in the bottom part is larger than 0.05 mm.
In conclusion, the most critical error in the transition performance is the
possibility of an air gap between the ground plane of the microstrip and
the bottom wall of the waveguide. However, it requires air gaps larger than
0.05 mm which are very unlikely to happen if the parts of the transition are
properly tightened during assembly.
4.3.3 Experimental results
Fig. 4.17 shows the S parameters measurement set-up of the manufactured
back-to-back microstrip to waveguide inline transition. The manufactured
block is connected to two VDI W-band VNA extenders.
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(a) (b)
Figure 4.17 – Photograph of the back-to-back inline transition prototype
connected by a; a) 8.6 mm long and b) 15 mm long 50 Ω microstrip line.
The measured reflection coefficients of the 8.6 mm and 15 mm long 50 Ω
microstrip sections are shown in Fig. 4.18 a) and b) respectively. Note
that the reflection coefficient of each single transition is different since the
manufacturing errors both in the microstrip section and in the metal block
are different. However, the measured return losses are better than 15 dB in
almost the entire W-band. Moreover, good agreement between simulations
and measurements has been obtained.
The transmission coefficients depicted in Fig. 4.19 show that the
experimental insertion losses of the manufactured microstrip circuits with two
different lengths agree well with the simulations. In particular, the measured
insertion losses of the 8.6 mm long 50 Ω microstrip line are 2.34 dB at 92.5 GHz
and below 3 dB in the full W-band. Note that, theoretically, the dielectric
losses of the 50 Ω microstrip line are 0.11 dB/mm [102] at 92.5 GHz because
of the measured dielectric loss tangent of the RO5880 substrate at W-band,
i.e. 0.01. Thus, the predicted dielectric loss at 92.5 GHz in this microstrip
circuit is 0.88 dB. Therefore, the obtained insertion loss of a single transition
can be estimated as 0.73 dB at 92.5 GHz and below 1.1 dB in the full W-band.
These values are consistent with the simulations shown in Section 4.3.1.
In the 15 mm long microstrip circuit the agreement is also good, the
losses in each transition can be determined taking into account the additional
radiation losses produced by the 90o bends. In conclusion, good agreement
between the simulations and the experimental results has been obtained in the
full W-Band for the proposed microstrip to waveguide inline transition.
Table 4.2 shows the state-of-the-art of microstrip to waveguide transitions
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Figure 4.18 – Comparison between simulated and measured reflection coeffi-
cients of the back-to-back inline transition connected by a) 8.6 mm and b) 15 mm
long microstrip line.
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Figure 4.19 – Comparison between simulated and measured transmission
coefficients of the back-to-back inline transition for the manufactured microstrip
circuits with two different lengths.
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Table 4.2 – Comparison between the proposed microstrip to waveguide
transitions operating in the full W-band.
Reference Insertion Losses Dielectric Substrate
92.5 GHz Full W-band (thickness)
[146] 1.15 dB 1.15 dB Alumina (0.100 mm)
[148] 0.6 dB 1 dB RO5880 (0.127 mm)
This work 0.73 dB 1.1 dB RO5880 (0.127 mm)
operating in the full W-band. The proposed configuration shows similar
performance than previous results. Therefore, this transition is suitable for
characterization of multiple devices built in planar technology with waveguide
based measurement equipment. In particular, this transition will be used in
the measurement of some planar components which are part of the W-band
auto-calibrated receiver such as the quadrature hybrid coupler and the MMIC
attenuator.
4.4 Characterization of the planar devices of the
W-band receiver
The designed WR10 waveguide to microstrip transition has been used to
characterize the quadrature hybrid coupler and the MMIC attenuator of
the W-band auto-calibrated receiver with the available waveguide based
measurement equipment. Conversely, the commercial LN4-110 MMIC low
noise amplifier has been measured by the manufacturer at W-band. These
results are shown in this Section.
4.4.1 W-band quadrature hybrid coupler
Since the quadrature hybrid coupler is a 4-port device, four WR10 waveguide
to microstrip transitions should be used in order to characterize it. Two of
them will be connected to the VNA extenders and the other two to matched
loads. A prototype to characterize the W-band quadrature hybrid coupler has
been designed, as shown in Fig. 4.20. As can be seen, the microstrip lines have
not been lengthened in order to minimize the dielectric losses. Conversely,
given the small size of the hybrid, the waveguides of the transitions have
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(a) (b)
Figure 4.20 – HFSS Schematics of the designed characterization block of the
W-band quadrature hybrid coupler; a) lateral and b) top views.
been lengthened in order to accommodate the four WR10 flanges and the
connections with two VNA extenders. Note that the transitions are placed at
30◦ with respect to a horizontal axis, see Fig. 4.20 b), in order to match to
the microstrip ports of the quadrature hybrid coupler. Therefore, instead of
following with the manufacturing of this specific prototype, the existing WR10
waveguide to microstrip transition has been used to characterize the W-band
quadrature hybrid coupler.
To this aim, three microstrip circuits have been designed to characterize
each port of the W-band quadrature hybrid coupler, see Fig. 4.21. With
respect to the matching of the other two ports of each quadrature hybrid
coupler, it is solved including Vivaldi antennas which are matched along the
entire W-band, as will be shown in Chapter 7. Thus, the bottom layers of each
circuit, see Fig. 4.21 b), d) and f), contain the ground plane of the microstrip
circuit and the aperture of Vivaldi antennas. On the top layer of these circuits,
see Fig. 4.21 a), c) and e), the microstrip section of the WR10 waveguide to
microstrip transition has been included in each port we want to measure at
W-band. The manufacturing of these circuits have been carried out by the
LPKF ProtoLaser 200 machine.
For example, Fig. 4.22 shows two photographs of the microstrip circuit
designed to measure the isolated port of the quadrature hybrid coupler. It is
placed in the back-to-back WR10 waveguide to microstrip transition. Note
that screws and dowel pins are required to ensure the alignment of the parts.
The comparison between the measurements of the direct, coupled and
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(a) (b) (c) (d) (e) (f)
Figure 4.21 – Photographs of the microstrip circuits designed to measure each
port of the W-band quadrature hybrid coupler using the manufactured back-to-
back WR10 waveguide to microstrip transition; a) Top and b) bottom layer of
the direct port measurement prototype, i.e. S21, c) top and d) bottom layer of
the coupled port measurement prototype, i.e S31, and, e) top and f) bottom layer
of the isolated port measurement prototype, i.e S41.
(a) (b)
Figure 4.22 – Photographs of the isolated port measurement of the W-band
quadrature hybrid coupler using the back-to-back WR10 waveguide to microstrip
transition; a) top and b) bottom view.
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isolated ports of the W-band quadrature hybrid coupler and the simulated
results of these prototypes are shown in Fig. 4.23. As can be seen in
Figures b), d) and f), the reflection coefficients of these prototypes agree well
with the simulations. Therefore, the WR10 waveguide to microstrip transition
is appropriately working.
With respect to the transmission of each microstrip circuit, note that the
simulated values are lower than those shown in Section 2.3.2 when the design
of the quadrature hybrid coupler is explained. The reason for these additional
losses is twofold. First, the addition of the insertion losses of the designed
WR10 waveguide to microstrip transition, which are approximately 0.73 dB
per single transition at 92.5 GHz. Therefore, 1.46 dB will be related to the
back-to-back WR10 waveguide to microstrip transition. The second reason is
the added dielectric losses due to the lengthening of the 50 Ω microstrip lines
required to place each microstrip circuit in this back-to-back transition.
Taking into account the simulated transmission of the prototype designed
to measure the direct port, see Fig. 4.23 a), its expected insertion losses at
92.5 GHz are 4.93 dB. At this frequency, the losses related with the back-
to-back transition are 1.46 dB and the added dielectric losses are 0.37 dB
because the 50 Ω microstrip lines have been lengthened 1.85 mm at each
port. Therefore, 1.83 dB of losses have to be added to the S21 parameter of
the W-band quadrature hybrid coupler which was shown in Section 2.3.2, i.e.
3.03 dB. These imply that the total expected insertion losses of the considered
circuit to measure the direct port of the coupler are 4.83 dB, which is close
to those 4.93 dB. As can be seen in Fig. 4.23 a) and c) the measurements
agree well with the simulations obtaining at most 1 dB of difference between
them. With respect to the measurement of the isolated port of the W-
band quadrature hybrid coupler, it also shows a good agreement with the
simulations, see Fig. 4.23 e). The transmission in the isolated port is lower
than −12 dB, which is higher than those shown in Section 2.3.2 due to the
influence of the WR10 waveguide to microstrip transition.
Another important parameter to validate the design of the W-band
quadrature hybrid coupler is the phase difference between direct and coupled
ports. The measured phase of these ports and also its difference are depicted
in Fig. 4.24. The length of the 50 Ω microstrip lines in the circuits designed
to measure the direct and the coupled ports are slightly different. They differ
in 0.74 mm. Therefore, a phase correction of e−j
2πf
√
ǫeff 0.74
c has been applied
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Figure 4.23 – Comparison between simulated and measured results of each
microstrip circuit designed to measure the S-parameters of the W-band
quadrature hybrid coupler; a) S21 and b) reflection coefficients, i.e. S11 and S22,
of the direct port measurement prototype, c) S31 and d) reflection coefficients,
i.e. S11 and S22, of the coupled port measurement prototype and, e) S41 and
f) reflection coefficients, i.e. S11 and S22, of the isolated port measurement
prototype.
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Figure 4.24 – Measured phase (deg) of the direct and coupled ports of the
W-band quadrature hybrid coupler. The difference between them is also included.
to the measured phase of the coupled port. Note that ǫeff is the effective
dielectric constant of a microstrip line [102]. As can be seen in the Figure,
the measured phase difference between direct and coupled ports are almost
constant around 90◦ along the entire W-band.
Therefore, the electromagnetic performance of the W-band quadrature
hybrid coupler in terms of S-parameters and phase difference between direct
and coupled ports have been experimentally validated.
4.4.2 W-band MMIC attenuator
The reference load of the W-band auto-calibrated receiver built in planar
technology is the TGL4201 10 dB MMIC attenuator. The characterization
of this component is simple. The set-up consists of the back-to-back WR10
waveguide to microstrip transition, which has been presented in Section 4.3,
and 50 Ω microstrip lines that connect each port of the MMIC attenuator by
gold wire bondings.
Fig. 4.25 shows a photograph of the MMIC attenuator assembly. It is based
on the recommended chip assembly diagram given by the manufacturer, see
Fig. 2.12 in Section 2.3.3.1. The considered microstrip circuit is identical to
that manufactured to characterize the transition, see Fig. 4.12 b). This circuit
has been welded to the bottom metal block of the transition for two reasons.
The first one is to ensure its position. This is required because the gap in
which the attenuator will be placed will be directly cut by a small cutter. The
second reason is to completely fix the 50 Ω microstrip line which is printed
in the circuit. When the gap is cut, these microstrip lines can not be lifted
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Figure 4.25 – Photograph of the TGL4201 10 dB MMIC attenuator assembled
in the back-to-back WR10 waveguide to microstrip transition.
(a) (b) (c)
Figure 4.26 – Photographs of the a) TPT HB16D machine, b) vacuum pencil
of the pick and place tool and c) a detail of the 25 µm wedge wire bonding tool.
because it will complicate the gold wire bonding.
The welding of the microstrip circuit and also of the attenuator in its gap is
done with EPO-TEK-H20E silver loaded epoxy adhesive which is conductive
at this high frequency. The selected curing temperature has been low, i.e.
100◦ C, in order to avoid cracking of the adhesive. Once the microstrip circuit
is welded to the metal block of the transition, the gap is cut so that the distance
between the bonds of the 50 Ω microstrip lines is as small as possible. This
is important to shorten the length of the gold wire bondings. The shorter
the gold wire bonding, the better the reflection coefficient, as analysed in
Section 3.4. Next, the attenuator is placed by a vacuum pencil which picks
and places the chip. It is also welded in its gap and the gold wire bondings can
be done. Note that the ground contact between the attenuator and the metal
block of the transition is ensured by the conductive epoxy adhesive. Both the
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pick and place method and the gold wire bondings are carried out with the
TPT HB16D machine, see Fig. 4.26 a).
The TPT HB16D machine is available in the Antenna Group at the Public
University of Navarra. The HB16D is a bench top size wirebonder, easy to
use. It provides a vacuum pencil with 203 µm diameter hole to pick and
place MMIC devices with a placement accuracy of ±25 µm, see Fig. 4.26 b).
Moreover, gold wire bonding is feasible using the wedge tool. A detail of this
25 µm wedge wire bonding tool is shown in Fig. 4.26 c). Specifically, wedge
to wedge bonding is the commonly method in semiconductor assembly. In our
case, wedge wire bonding is selected instead of ball wire bonding because it
requires narrower bonds to fix the junction. Moreover, wedge bonding offers a
low, flat and short loop for maximum high-frequency electrical performance.
Therefore, the reliable height of these bondings is smaller than those given
by ball wire bonding. This last feature facilitates the packaging of MMIC
components. For example, devices such as the LN4-110 amplifier has to be
welded on a channel and the height of this channel is critical because undesired
resonances can be excited. For this reason, it is important not to limit the
smallest feasible height of the cavity inside the packaging. Normally, forward
wedge bonding is preferred, i.e. the first bond is made to the chip and the
second is made to the substrate. As a result, a wire tail is placed in the second
bond. This forward method is the most suitable because the chip can be more
susceptible to edge shorts between the wire and chip.
The assembly of the MMIC attenuator can be seen in Fig. 4.27. The
attenuator is placed into a small gap. Moreover, its input and output ports
are connected to 50 Ω microstrip lines by one, two or three gold wire bondings
in order to analyse the effect of the number of wires in the performance of the
attenuator. Although the wire bondings are too large, the distance between the
microstrip line and the attenuator is less than 100 µm in each port. Therefore,
the return and insertion losses included by these gold wires are expected to be
suitable.
The measurement of the S-parameters of the attenuator connected by one,
two or three bond wires has been carried out using the WR10 waveguide to
microstrip transition and the waveguide based equipment. These results are
shown in Fig. 4.28. Note that the comparison between measurements and the
data given by the manufacturer is not suitable because the manufacturer data
have been directly measured by RF microwave probes, i.e. without taking into
account wire bondings. However, the expected performance of the attenuator
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(a) (b)
(c)
Figure 4.27 – Photographs of the TGL4201 10 dB MMIC attenuator connected
to 50 Ω microstrip lines by a) one, b) two or c) three gold wires.
are return and insertion losses above 10 dB in order to simulate a reference
load in the isolated port of the input quadrature hybrid coupler of the W-band
auto-calibrated receiver.
With respect to the measured return losses, they are above 6.5 dB, see
Fig. 4.28 a) and b). However, they can be improved. The device is symmetrical
but the results for the S22 are better due to the fact that the length of the gold
wires are smaller. Regarding insertion losses shown in Fig. 4.28 c), they are
above 15 dB along the entire W-band. The added insertion losses of the 8.6 mm
long microstrip line placed in the WR10 waveguide to microstrip transition
are less than 3 dB in the full W-band. Therefore, the insertion losses of the
attenuator itself are at least 12 dB, which is a good result for our application.
Taking into account the measured results as a function of the number of
gold wire bondings, the bonding of ports by only one wire is enough to obtain
a suitable performance of the attenuator as a reference load. Moreover, the
electromagnetic performance of the attenuator is almost identical when the
bonding is done by one, two or three gold wires. However, the detachment of
the bonding is more probable when only one wire is considered. Therefore,
the bonding of ports with more than one wire is better in terms of hardness
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Figure 4.28 – Measurement results of the MMIC 10 dB attenuator with the
W-band inline microstrip-to-waveguide transition which each port connected by
one, two and three gold wires; a) S11, b) S22 and c) S12.
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Figure 4.29 – a) EPS150MMW Probe System, which is compatible with VDI
VNA extenders, and b) a waveguide probe.
and durability of the junction.
The experimental results demonstrate that the use of the TGL4201 10 dB
attenuator of TriQuint Semiconductor is appropriate in order to simulate a
reference load of the W-band auto-calibrated receiver. The return losses are
acceptable whilst the insertion losses are above 12 dB, as required.
4.4.3 W-band LNA
The characterization of the commercial LN4-110 low noise amplifier has been
carried out by the manufacturer before delivery. An RF microwave probe
station has been used to measure the return losses and the gain of each
amplifier directly on wafer. This is the same technique used by TriQuint
Semiconductor to measure the electromagnetic performance of the TGL4201
10 dB attenuator. One example of a microwave probe machine is shown in
Fig. 4.29, i.e. EPS150MMW Probe System of Cascade Microtech [167]. The
particularity of this machine is that it is compatible with the VDI extenders,
thereby, the S-parameters of any two port device can be measured. Moreover,
it is suitable to characterize this type of devices because one of the probe
terminations consists of coplanar bonds, i.e. the same termination of these
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Figure 4.30 – On wafer measurement results of 10 different LN4-110 low noise
amplifiers done by the manufacturer; a) S11, b) S22 and c) gain in the full W-
band.
chips. Moreover, the manufacturer also gives information about the values
of gate voltage and drain current, i.e. Vg and Id respectively, required to
optimized the performance of these characterized amplifiers. Whereas the
values of drain current slightly differ from those recommended 35 mA, i.e.
between 34.4 and 35.7 mA, the range of gate voltage in their optimized
operation points is larger, i.e. from −80 to 80 mV.
The measured reflection coefficients of each port and also the gain of ten
different amplifiers are depicted in Fig. 4.30. As can be seen, the matching
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of the input port of the amplifiers, see Fig. 4.30 a), is better than that of
their output ports, see Fig. 4.30 b). However, the matching of both ports get
worse at the highest limit of the W-band. Regarding gain, their measured
values in the full W-band are higher than the expected 22 dB, as it is shown
in Fig. 4.30 c). Therefore, the experimentally obtained performance of the
LN4-110 amplifiers imply that they work as well as expected.
Note that these devices require the design of a DC bias circuit. The design
of this DC bias circuit will be explained in the next Chapter.
4.5 Conclusions
This Chapter has been presented the fabrication and characterization of the
planar components of the W-band auto-calibrated receiver. The microstrip
components are built on 0.127 mm thick RO5880 substrate. The dielectric
constant and loss tangent of this substrate was measured by the manufacturer
only at 10 GHz. Therefore, first of all, the characterization of this substrate in
the W-band was indispensable in order to compare the simulation performance
of these microstrip components with their experimental results. Two different
set-ups have been taken into account to measure the transmission coefficient
through a thin sample of these materials: one based on lenses and other one
based on mirrors. The experimental results have confirmed that the set-
up based on lenses is able to obtain better results thanks to its accurate
alignment and narrower beam waist. In conclusion, the retrieved dielectric
constant and loss tangent of 0.127 mm thick RO5880 substrate at W-band
have been found to be 2.22 and 0.01 respectively. It is worth noticing that
the losses are one order of magnitude higher than the value given by the
manufacturer at 10 GHz. Then, in order to characterize the microstrip
components of the receiver with waveguide based measurement equipment,
the design, manufacture and validation of a novel inline WR10 waveguide
to microstrip transition have been also shown in this Chapter. Next, the
characterization of the quadrature hybrid coupler and the MMIC attenuator
have been carried out with this transition. The experimental results have
verified their expected performances.

Chapter 5
Packaging of the W-band
auto-calibrated receiver built
in planar technology
5.1 Introduction
Once the microstrip devices and the commercial MMIC components which
are part of the receiver have been characterized and validated, the next step
is to design the packaging of the proposed W-band auto-calibrated receiver.
As shown in Chapter 3, its planar structure is as depicted in Fig. 5.1. A
suitable packaging block has to be designed in order to protect this circuit
without penalizing its performance. Moreover, other components are required
to be included in the packaging such as the DC circuit to bias the amplifiers,
the DC circuit to filter and amplify the output signals of the receiver and
the WR10 flange. The flange is indispensable in order to connect the W-band
auto-calibrated receiver with a standard horn antenna or with waveguide based
measurement equipment.
This Chapter explains the design of the inner cavity of the packaging
metal block in which the planar structure of the receiver will be contained.
This cavity avoids the propagation of undesired modes which can penalize
the performance of the receiver. The removal of these unwanted propagating
modes has been experimentally validated. Next, the design of the DC circuits,
which bias the LNAs and amplifies the output signals of the receiver has
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Figure 5.1 – Layout of the designed W-band auto-calibrated receiver.
been carried put. Finally, the design of the packaging metal block, which will
contain the required elements of the receiver, is explained. This packaging
metal block has to be suitable to allow an array implementation.
5.2 Design of the packaging cavity: removal of the
unwanted resonances
As can be seen in Fig. 5.2, the assembly of the MMIC LN4-110 amplifier
consists of two 50 Ω microstrip lines connected to its input and output ports
by gold wire bondings. In addition, it requires to be placed inside a channel in
order to avoid the propagation of undesired higher-order modes at W-band, a
1.27 mm width channel is recommended by the manufacturer. Moreover, the
amplifier has to be fed by a DC circuit, which supplies voltages by means
of a series of surface mount capacitors. These capacitors ground the RF
signal in these connections. Therefore, enough space to place these required
components has to be left on the top part of the LNA, where the bonds of its
gates are, in order to short the length of the bond wires. For this reason and the
fact that the proposed W-band receiver contains two amplifiers, the input and
output 50 Ω microstrip lines of the amplifiers have been lengthened to separate
the two amplifier chains of the receiver, see Fig. 5.1. Moreover, the ends of
these microstrip lines have been put in a channel together with the amplifiers.
In each amplifier branch the added length of the 50 Ω microstrip lines is
11.026 mm. These imply additional dielectric losses per branch of 1.1 dB.
Their effect in the performance of the receiver was studied in Section 3.3.4.
Therefore, the dimensions of the planar structure of the proposed receiver
are exactly 5.92 mm wide, 23.21 mm long and 0.161 mm thick. This is the
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Figure 5.2 – Typical assembly diagram of the LN4-110 Low Noise Amplifier
given by HRL Laboratories.
structure to package.
Packaging of millimetre wave microstrip circuits can be seriously affected
by excitation of cavity modes and surface modes in the dielectric substrate.
These may penalize the transmission of the quasi-TEM mode in the microstrip
circuit [168] and degrade the circuit performance.
Traditionally, conventional microwave absorbers composed of materials
with bulk resistive properties have been placed within the cavity of the
packaged circuits in order to avoid the propagation of cavity modes [169].
However, the circuit performance may degrade because the undesired modes
are not prevented but absorbed.
The aforementioned approach causes undesired losses which become more
relevant as frequency increases. A more elegant solution to this problem
can be found in the use of periodic structures in one of the ground plates
of the packaging structure [170]- [175]. The used periodic textured surfaces
implement an Artificial Magnetic Conductor (AMC) or a high-impedance
boundary, which blocks parallel-plate mode propagation within a frequency
band (stop-band) provided that the distance to the opposite Perfect Electric
Conductor (PEC) plate is smaller than a quarter wavelength.
Besides the AMC behaviour, these 2D periodic structures act as
an Electromagnetic Band Gap (EBG) which blocks the propagation of
electromagnetic waves for all directions within a forbidden frequency band
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[171]. Different kinds of EBG structures have been proposed for packaging
microstrip circuits at microwave frequencies. Periodic structures such as
Mushroom-Type EBG [172], Fakir’s Bed of Nails [173] and Bed of Springs [174]
are more suitable for relatively low frequencies, below 10 GHz, due to its easy
manufacturing and low weight. As a matter of fact, when frequency increases,
the bed of spring becomes too complex to be manufactured. Moreover, the
drawback of the first two cases is to use a dielectric substrate since it adds
losses and reduces the operating frequency bandwidth.
The difficulty of scaling to higher frequencies these periodic structures has
led to other configurations being proposed. On the one hand, in [175], an
EBG structure composed of holes with period half the guided wavelength,
has been implemented in the upper metal plate of a shielded microstrip
structure. This configuration allows the suppression of undesired cavity
modes in a narrow stop-band centred at 76 GHz. On the other hand, the
new gap-waveguide presented in [176] and experimentally validated around
15 GHz in [177] implements a periodic structure which consists of a lid of
nails or a pin surface. Its main advantages are the omission of the dielectric
substrate and its large bandwidth, up to an octave, demonstrated in [178].
Furthermore, this structure is easily scalable to higher frequencies. As shown
in [179], manufacturing of this structure is feasible up to 340 GHz with Micro-
ElectroMechanical System (MEMS) technology.
In this Section, the optimization of the pin surface for packaging of the
auto-calibrated receiver covering the full W-band is presented. By means of
a parametric study, a deep understanding of the behaviour of its modes and
the influence of the different parameters on the performance, mainly on the
bandwidth, is for the first time achieved. Moreover, in contrast to previous
studies our design takes into account for the first time any direction of the
propagating modes. This allows to determine accurately the stop-band of
this periodic structure. So far, the pin structure has been used in packaging
of microstrip circuits such as the feeding network of the eight ports of the
eleven antenna in a broad frequency range from 5 GHz to 13.5 GHz [180].
Besides, when used together with microstrip circuits a significant improvement
of their performance can be achieved. For example, critical microstrip passive
devices such as filters have benefit from this technology [181]. In addition,
the improvement of isolation between two high gain amplifier chains in Ku-
band implementing this packaging alternative has been demonstrated in [182].
Moreover, the removal of resonances for the case of a single microstrip line
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with two 90◦ bends around 15 GHz using the bed of nails has been shown
in [183].
The performance of a square pin surface covering the full W-band has
been optimized. This surface will be used for packaging of the proposed
W-band auto-calibrated receiver built on 127 µm thick Rogers RT/Duroid
5880 substrate. The use of the pin surface will allow suppression of the
unwanted modes and resonances. A stop-band covering the full W-band has
been designed by means of a complete parametric study. In this analysis
the Irreducible Brillouin zone of the dispersion diagram has been taken
into account. Therefore, all propagating modes in any direction within the
structure are completely studied. By contrast, in most articles only the
transverse direction is studied. This causes that the limits of the stop-band
are not determined accurately. Moreover, design guidelines of the pin surface
are proposed in order to create a certain stop-band. Finally, the removal of
the undesired modes is demonstrated both in simulation with Ansoft HFSS
and experimentally by measurements of a prototype.
5.2.1 Pin surface: geometry and principle of operation
The geometry of a pin surface is shown in Fig. 5.3. The pin surface
implemented in the upper metal of the package covers the microstrip circuit
keeping an air gap between the end of the pin and the substrate. The pins are
arranged in a square lattice configuration. The parameters that determine its
performance are:
• The length of the pins, d.
• The period of the structure, p.
• The size of the square pin, s.
• The height of the air gap between the AMC surface and the opposite
substrate, g.
In principle, if the period is small enough, the pins work as an AMC when
its length, d, is approximately λ/4. Due to this length, the short circuit (PEC)
is transformed into an open circuit (AMC).
When an AMC is introduced in the upper metal of two parallel metal
plates separated by an air gap, it creates an ideal parallel plate cut-off, i.e
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Figure 5.3 – Lateral view of a pin surface structure, the unit cell of a square
lattice configuration of pins and its parameters.
a stop-band. The behaviour of this structure has one physical limit for the
lower frequency and two physical limits for the upper frequency of the stop-
band [178]. On the one hand, the lower limit is defined by the frequency at
which the surface impedance changes from inductive to capacitive. At this
point, the surface presents a high enough impedance to generate the cut-off
of the propagation modes. On the other hand, the upper limit of the stop-
band comes from both the impedance change from capacitive to inductive
and, besides, the height of the air gap. Moreover, the distance between the
plates must be smaller than half wavelength in order to create the parallel
plate cut-off.
Therefore, when a pin surface is introduced, the stop-band is theoretically
generated from the frequency at which the length of the pins is approximately
λ/4 up to the frequency at which the spacing between parallel metal plates is
λ/2 [177]. However, these limits are more flexible due to the capacitive effect
of the air gap height.
Besides the AMC effect, the periodicity of the pin surface plays an
important role in its behaviour. As in any periodic structure it will have
a frequency range where no propagation is allowed. This will be the range of
interest for our packaging application.
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Figure 5.4 – (a) Schematic of the Brillouin zone in a square lattice configuration
of pins (grey squares) and (b) Irreducible Brillouin zone.
5.2.2 Parametric Study of the Pin Surface
For the complete definition of the stop-band it is required to determine the
propagating modes in any direction within the periodic structure. This study
reduces to the edge of the Irreductible Brillouin zone where information about
propagation in any direction in the k−space is taken into account [184]. For
a square lattice, the Irreductible Brillouin zone is the triangular wedge in the
upper right corner within the unit cell, as can be seen in Fig. 5.4. The rest of
the Brillouin zone (central unit cell in Fig. 5.4 a)) consists of exact replicas of
this wedge. The three points which determine the Irreductible Brillouin zone,
Γ, X and M , correspond to k‖ = 0, k‖ =
π
p
xˆ and k‖ =
π
p
xˆ+
π
p
yˆ, respectively.
In order to understand the behaviour of the pin structure and to
determinate the limits of the stop-band, the dispersion diagrams of the pin
surface have been calculated using Ansoft HFSS.
As mentioned above, the first step to study the cut-off properties of a lid
of pins working as an AMC surface is to fix the pin length d equal to λc/4. In
this case, λc is the wavelength of the central frequency of the W-band. This
frequency is 92.5 GHz, therefore, the fixed length of the pins is 0.81 mm. The
other parameters of the initial periodic structure have been fixed to p = 1.6 mm
(λc/2), s = 0.5 mm and g = 0.2 mm.
The dispersion diagram of the first four propagation modes for this pin
surface structure can be seen in Fig. 5.5. According to this figure, the stop-
band of the periodic structure is determined by the gap between the two lowest
order modes of the dispersion diagram. The highest frequency of the first order
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Figure 5.5 – Dispersion diagram of the pin surface covering a microstrip circuit
over 127 µm thick Rogers RT/Duroid 5880 substrate. The length and the size of
the pin, the period and the height of the air gap are 0.81 mm, 0.5 mm, 1.6 mm
and 0.2 mm respectively.
mode defines the lower limit. Note that this highest frequency corresponds to
the M point. This shows that the analysis covering the full Brillouin zone is
required in order to determine the structure performance. On the other hand,
the upper limit is defined by the lowest frequency of the second mode, which
is in propagation within the W-band.
The normalized E-field magnitude of the first two propagating modes
defined at those points of the dispersion diagram which limit its stop-band,
i.e. the M point for mode 1 and the Γ and X points for mode 2, is shown
in Fig. 5.6. This figure helps to understand the nature of each propagating
mode inside the structure. As can be seen, the E-field of the first propagating
mode is mainly localized in the air gap under the pin, but its field distribution
in the vertical direction depends on the total height. Conversely, the second
mode mainly propagates in the spacing between pins.
This study will highlight some peculiarities of the modal behaviour that
are of great interest for the structure design. In particular, the effects of the
period, the pin size and the height of the air gap will be linked to the mode
structure. This analysis will allow to optimize the stop-band of the periodic
structure to cover the full W-band. For this study only the points of the
dispersion diagram which define the bandgap will be plotted.
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(e) (f)
Figure 5.6 – Normalized E-field magnitude of the first two propagating modes
defined in point of interest: a) First mode at the centre of the unit cell at point
M , b) First mode on the substrate surface at point M , c) Second mode at the
centre of the unit cell at point Γ, d) Second mode on the substrate surface at
point Γ, e) Second mode at the centre of the unit cell at point X , f) Second mode
on the substrate surface at point X . The black rectangle shows the dimensions
of the pin.
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Figure 5.7 – Highest (second propagation mode) and lowest (first propagation
mode) limits of the bandgap depending on the period. The length and the size
of the pin, and the height of the air gap are 0.81 mm, 0.5 mm and 0.2 mm
respectively.
5.2.2.1 Effect of the period
Since the bandgap of the initial pin surface is located at frequencies lower than
the W-band, reducing its period would shift it towards higher frequencies.
The dependence of the bandgap with the period is represented in Fig. 5.7,
where the gap limits are given by the red and blue lines plotted in this figure.
The lower limit of the gap behaves as expected in any periodic structure,
i.e. its frequency decreases when the period increases. To obtain a lower
frequency limit of the stop-band smaller than the lowest frequency of W-Band,
i.e. 75 GHz, the period should be larger than 1 mm, which corresponds to a
quarter wavelength at this frequency.
However, the upper limit of the gap behaves differently. As can be seen,
depending on the period, the lowest frequency of the second order mode is
determined by the point X or Γ. The behaviour of this higher limit of the
bandgap has a maximum when the period is 1.3 mm, which corresponds to
a distance between pins of λc/4. When the period is larger than this value,
the upper frequency limit of the stop-band decreases following the behaviour
of the mode for the X point due to the increase of the spacing between pins.
Fig. 5.8 shows the normalized E-field magnitude of the second mode at the
X point for different values of the period. As can be seen, the second mode
propagates within the air region between pins. Therefore, when the period
increases while keeping constant the size of the pin, the spacing between pins
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Figure 5.8 – Normalized E-field magnitude of the second order at the X point
on the substrate surface for different values of the period: a) 1.1 mm, b) 1.3 mm
and c) 1.5 mm. The white rectangle shows the dimensions of the pin.
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Figure 5.9 – Normalized E-field magnitude of the second mode at the Γ point
on the substrate surface for different values of the period: a) 1.1 mm, b) 1.3 mm
and c) 1.5 mm. The white rectangle shows the dimensions of the pin.
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increases and the frequency at which this mode propagates decreases.
On the other hand, below this maximum, the mode at the Γ point defines
the upper limit of the stop-band. At Γ, the mode frequency remains nearly
constant. This can be explained by the field distribution of the mode, Fig. 5.9.
In this figure it can be seen that the maximum of the E-field at point Γ is
located on the edges of the pin for three different periods. As a consequence,
its frequency is mainly determined by the pin size and it is not affected by
the period. In this case, the optimum period in terms of largest bandwidth
corresponds to the point where the frequency of the second mode at X equals
the frequency of the mode at Γ. This will be the limit for the highest frequency
of the gap. This optimum period corresponds to 1.3 mm.
5.2.2.2 Effect of the pin size
The study of the pin size has been carried out while keeping constant the
period of the pin surface as 1.3 mm. Similarly, the pin size mainly affects the
upper limit of the stop-band, as shown in Fig. 5.10. As previously mentioned,
the upper limit can be given by the Γ or X point. The largest bandwidth is
achieved when the size of the pin is 0.45 mm, which corresponds approximately
to one third of the period. Below this value, the gap decreases because of the
increase of the spacing between pins. The Γ point defines the upper limit
of the stop-band when the pin size is larger than 0.45 mm, as happened
with the period. In this case, increasing the size of the pin over this value
means decreasing the pin spacing below λc/4. Nevertheless, the upper limit of
the bandgap decreases more steeply than when period changes, since the pin
size begins to be wider than the distance between pins. Therefore, coupling
effects are stronger. To summarize the effect of the pin size on the pin surface
performance, the propagation frequency of the second order mode at X point
equals the maximum achievable frequency when the pin size is approximately
0.34 times the pin period, as shown in Fig. 5.10.
5.2.2.3 Effect of the air gap
Once the period and the pin size have been fixed to 1.3 mm and 0.45 mm
respectively, the next step is to analyse the effect of the air gap height.
According to Fig. 5.11, the larger the air gap, the narrower the stop-band due
to the lower capacitive effects between the AMC surface and the metal plate.
Consequently, a 0.2 mm air gap its enough to ensure the desired operation
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Figure 5.10 – Highest (second propagation mode) and lowest (first propagation
mode) limits of the bandgap depending on the pin size. The length of the pin,
the period and the height of the air gap are 0.81 mm, 1.3 mm and 0.2 mm
respectively.
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Figure 5.11 – Highest (second propagation mode) and lowest (first propagation
mode) limits of the bandgap depending on the size of the air gap height. The
length and the size of the pin, and the period are 0.81 mm, 0.45 mm, and 1.3 mm
respectively.
bandwidth of the periodic structure, covering the full W-band. Moreover,
this value is large enough to ensure that the pin surface does not affect the
transmission of the quasi-TEM mode of the microstrip circuit.
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Figure 5.12 – Highest (second propagation mode) and lowest (first propagation
mode) limits of the bandgap depending on the length of the pin. The period, the
pin size and the air gap height are 1.3 mm, 0.45 mm and 0.2 mm respectively.
5.2.2.4 Effect of the pin length
The analysis of period, pin size and air gap height have been carried out
assuming that the length of the pins should be λc/4 to work as an AMC.
However, the analysis of the pin length has been considered in order to explain
its contribution in the determination of the stop-band of the structure.
The variation in the length of the pin mainly alters the lowest frequency
limit of the stop-band, see Fig. 5.12. The shorter the pin, the higher the
lowest limit. This agrees with the fact that mode 1 is determined by the
unit cell total dimensions. Moreover, the dependence of the highest frequency
limit of the stop-band with respect to the distance between the parallel metal
plates and the period can be also seen in Fig. 5.12. When the length of the
pin increases over 0.81 mm, the highest frequency limit decreases since it is
determined by mode 2 at Γ, which depends on the height of the cavity. Note
that the structure has been optimized based on this length and this result is
consistent with it. However, below this value, the highest limit of the stop-
band is constant because it is limited by mode 2 at X, which depends on the
period. As mentioned before, the highest achievable frequency of the stop-
band is defined by mode 2 at Γ point. Therefore, as shown by the propagation
frequency of the first mode and of the second mode at this point, plotted in
Fig. 5.12, the pin length is the pin surface parameter that defines the centre
frequency of the stop-band.
The dispersion diagram of the first four propagation modes for the
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Figure 5.13 – Dispersion diagram of the optimum pin surface covering a
microstrip circuit over 127 µm thick Rogers RT/Duroid 5880 substrate. The
length and the size of the pin, and the height of the air are 1.3 mm, 0.45 mm
and 0.2 mm respectively.
optimum pin surface structure, whose dimensions are d = 0.81 mm,
p = 1.3 mm, s = 0.45 mm and g = 0.2 mm and its stop-band covering
the full W-band have been plotted in Fig. 5.13. As it can be observed, the
stop-band is larger than the W-band complying with the design goals.
5.2.2.5 Design guidelines
Taking into account the results above some design guidelines can be proposed
for the pin structure in order to create a certain stop-band.
1. Fix the length of the pins at λc/4, where λc/4 corresponds to the central
frequency of the stop-band.
2. The total height, i.e d − t√ǫr + g must be smaller than λu2 , where λu
is the wavelength at the highest frequency of the stop-band. As a rule
of thumb, the minimum value of the gap height is the thickness of the
substrate to prevent affecting the transmission of the quasi-TEM mode
of the microstrip line.
3. The period of the pin surface must be chosen inside the range λu/2 <
p < λl/4, where λl is the wavelength of the required lowest frequency
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limit of the stop-band. The limits of this range makes the maximum
feasible frequency limit of the stop-band smaller than 2 times the lowest
frequency limit.
4. Once the period is fixed, the pin size can be selected in the range from
0.3−0.38 times the pin period in order to obtain the maximum achievable
propagation frequency of the second mode at X point.
5.2.3 Structure Performance
The optimization of the pin surface has been realized in order to remove
the resonances produced when packaging of the W-band auto-calibrated
receiver. The demonstration that this periodic structure is able to suppress
the propagation of unwanted modes has been done in simulation using Ansoft
HFSS. First of all, the cavity which will contain the receiver has been designed.
The considerations taken into account in this design have been:
• The two amplifier chains are placed into 0.127 mm width channels.
Additional 1.27 mm width channels have been included in the middle
of these amplifier channels in order to place the required series of
surface mount capacitors, which feed the amplifiers. Therefore, the
receiver cavity consists of two cavities connected by these channels. One
quadrature hybrid coupler will be contained in each cavity.
• The pin surface is included in the upper metal plate of these cavities.
Therefore, the side metal walls of these cavities have been separated in
order to place an integer number of pin periods. For this reason, a gap
exists between the substrate and the side metal walls of the cavities.
• With respect to the cavity which contains the input quadrature hybrid
coupler, its side metal walls close to the transition are in contact with the
substrate in order to facilitate its placement. This ensures an appropriate
alignment of the WR10 waveguide to microstrip transition.
• Finally, more space are needed in the second cavity in order to place
the detectors and also the bonds to the DC circuit which amplifies the
output voltages of the receiver.
The dimensions of the cavity are shown in Fig. 5.14 a). Moreover, a detail
of the microstrip part of the W-band auto-calibrated receiver placed into the
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designed cavity, and its dimensions, can be seen in Fig. 5.14 b). Note that the
empty spaces inside the channels in this Figure are for the placement of the
LNAs. Moreover, the space between the second quadrature hybrid coupler and
the side metal wall of the cavity is required in order to weld the detectors and
connect them with the DC circuit. The placement of the MMIC components
are shown in Fig. 5.14 c). In this Figure, the surface mount capacitors are
included. Moreover, the holes needed to connect the feeding circuit to the
amplifiers and the output voltages of the receiver to the post-processing circuit
can be also seen.
In particular, only the microstrip structure of the receiver is taken into
account in the simulation in order to demonstrate that the pin surface, which
is implemented in the upper metal plate of the designed cavity, removes
the propagation of undesired modes. This simplifies the problem because
the MMIC components of the receiver are not included. Therefore, the two
microstrip parts of the receiver have been connected by 50 Ω microstrip lines
and the three ports of this structure have been defined as waveports in the
simulation. In this way, two analysis have been carried out taking into account
two packaging options; the first one uses a smooth surface in the upper metal
plate of the cavity whereas in the second one the pin surface is inserted, see
Fig. 5.15.
The comparison between transmission and reflection parameters of the
microstrip part of the W-band auto-calibrated receiver inside this two
packaging options are depicted in Fig. 5.16. Simulation results demonstrate
that the resonances caused by the undesired modes within the cavity are
removed when the pin surface is introduced in the upper metal plate of the
cavity. The small losses observed in the transmission parameter in Fig. 5.16 a)
are caused by both the dielectric substrate and the WR10 waveguide to
microstrip transition.
5.2.4 Experimental Results
The experimental verification of the structure shown in Fig. 5.15 would be
interesting to demonstrate the removal of the cavity resonances by using the
pin surface in the upper metal plate of the packaging cavity. However, the
microstrip part of the receiver configuration has three output ports which
have to be perfectly matched and these matching loads were not available
for this experiment. For this reason, an alternative circuit has been used in
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(a)
(b)
(c)
Figure 5.14 – Designed cavity which will contain the W-band auto-calibrated
receiver; a) Top view of the cavity and its dimensions in mm, b) the detail of the
placement of the microstrip part of the receiver into the cavity and its dimensions
in mm and c) schematic of the W-band auto-calibrated receiver and its required
components placed into the cavity.
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(a) (b)
Figure 5.15 – Schematic of the packaged W-band auto-calibrated receiver;
a) smooth top metal plate. b) pin surface on the upper metal plate.
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Figure 5.16 – Comparison between the performance of the receiver when using
a smooth surface metal package and a pin surface packaging; a) S21 and b) S11.
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order to verify the pin surface behaviour. In order to excite the resonances a
short microstrip line has been used, see Fig. 5.17. It consists of a transition
from WR10 waveguide to microstrip and a 50 Ω microstrip line ended in open
circuit. This open circuited line excites the resonances produced by the cavity.
Thereby, the removal of these resonances with the pin surface can be checked
by measuring the reflection at the waveguide input port.
A prototype of the packaging metal block for the W-band auto-calibrated
receiver has been manufactured in aluminium using high precision milling.
This packaging consists of two parts which are easily mounted through
alignment pins and screws. The cutting plane of the packaging metal block
in these two parts has been performed in accordance with the E-plane cut of
the input waveguide to minimize losses. The bottom part has a cavity where
the microstrip circuit is placed, see Fig. 5.17 a). Two different top parts
have been manufactured in order to demonstrate the removal of the undesired
resonances. The first one contains the smooth surface, whereas the second
one implements the pin surface on its upper metal plate. Their photographs
are shown in Fig. 5.17 c) and d). The short microstrip line was manually
aligned and welded with silver epoxy adhesive to the bottom part as shown in
Fig. 5.17 b).
Fig. 5.18 shows the comparison between the simulation and the measure-
ment results of this packaged W-band microstrip line for the two packaging
options. Some manufacturing errors in the microstrip circuit and also in its
position have been detected and included in the simulation. In particular, the
most relevant error is the 300 µm displacement of the microstrip circuit in
the transition, caused by the manual assembly and by an error made in the
substrate cutting. As can be seen, most of the resonances obtained with HFSS
in the case of the smooth cavity appear in the measurements, see Fig. 5.18 a).
Good agreement has been obtained in terms of the position of the resonances.
In addition, the experiment confirms the removal of the resonances when the
pin surface is used, see Fig. 5.18 b). However, there is a nearly constant
difference in the reflection level of 1 dB, which can be ascribed to losses in the
metal waveguide section. Apart from this difference, these results demonstrate
experimentally that the pin surface removes the unwanted resonances.
Therefore, this designed cavity with a pin surface included in its upper
metal plate will be used to package the W-band auto-calibrated receiver.
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(a) (b)
(c) (d)
Figure 5.17 – Photographs of the manufactured packaged W-band microstrip
receiver; a) bottom part with a microstrip line. b) detail of the transition from
WR-10 to microstrip, c) top part with smooth metal surface and d) top part with
pin surface.
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Figure 5.18 – Comparison between simulated and measured results of the S11
parameter in the two packaging options: a) smooth metal and b) pin surface
covers. Manufacturing errors in the microstrip circuit and in its position with
respect to the input waveguide have been included.
5.3 Design of the DC circuit
Once the design of the cavity in which the planar structure of the W-band auto-
calibrated receiver will be placed has been carried out, the whole packaging
metal block can be designed. This metal block has to package the DC
circuit and also it has to contain the WR10 flange required to connect the
receiver with a standard horn antenna or waveguide based measurement
equipment. Consequently, the DC circuit is the biggest component which
has been packaged because of the size of the DC devices. Therefore, we start
with the design of the DC circuit, which is explained in this Section.
The DC circuit of the W-band auto-calibrated receiver consists of two
circuits. First, the DC bias circuit which polarizes and supplies the suitable
current to the two amplifiers. The second part contains the filtering and the
amplification of the output voltages of the receiver. The design of these circuits
has been carried out using the software LTSpice of Linear Technology starting
from a 5 V voltage, which is supplied by a single power source.
5.3.1 Bias circuit for the MMIC Low Noise Amplifiers
The LN4-110 has three bonds to bias: a single drain, an independent gate
bias for the first stage and a common gate bias for the remaining stages. With
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respect to the optimized point of their performance, the transient of the bias
circuit has to comply with the following sequence:
• While the supplied drain voltage is 0 V, the voltages in both gates have
to decrease at least up to −1 V. Note that the supplied current in every
bond has to be zero. These gate voltages polarise the transistors of the
amplifier.
• When the gate voltages are −1 V, the drain voltage is activated. The
value of this voltage has to be fixed to 1.2 V, which creates the channel
in the transistors of the amplifier.
• Once the channels are created, the current has to be supplied in the
drain bond. It is carried out by increasing the gate voltages up to a
value in which the supplied current in the drain is 35 mA. The drain
voltage is kept to 1.2 V. In order to know these required gate voltages,
the current in the drain bond has to be simultaneously measured. These
voltages can differ from one amplifier to another.
The performance of this designed circuit is briefly explained right after.
This circuit consists of two main blocks. First, the block which supplies
the stable drain voltage, i.e. 1.2 V, and the second part is the block which
provides the voltages to the gates. In addition, these two blocks are connected
by a zener diode and a npn transistor in order to control their activations
and consequently the creation of the required transient. Moreover, the
possibility to adjust the voltages of the gates independently is performed by
two potentiometers. These potentiometers are connected to a resistance net.
And these nets are connected to two voltages: the stable voltage drain, i.e.
1.2 V, and a negative voltage high enough to allow the application of at least
−1 V in the gates. The potentiometer based net of a gate voltage is shown in
Fig. 5.19.
The stable drain voltage is supplied by the LT3020-1.2V low dropout linear
regulator whose input voltage has to be also stable. This selected input voltage
is 3.3 V, and it is obtained from the 5 V, supplied input voltage of the circuit.
This is done by a LT1761-3.3V low noise micropower regulator. This part of
the circuit can be seen in Fig. 5.20 a). Note that the IN and the SHDN
contacts of the LT3020 component are connected. As later on will be shown,
this connection will be changed when the whole circuit is designed.
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Figure 5.19 – LTSpice schematic of the output net of the gate voltage, which
can be adjusted by the RV potentiometer.
(a)
(b)
Figure 5.20 – The two blocks which are part of the DC bias circuit of the
LN4-110 amplifiers; a) the block which supplies the drain voltage and b) the
block which provides −3.3 V required to provide the negative gate voltages.
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With respect to the gate voltages, starting from the 5 V supplied input
voltage, a negative voltage high enough to supply at least −1 V on the gate
bonds, i.e. the negative voltage connected to the potentiometer output net, is
required. The selected negative voltage has been −3.3 V because this is also
the rupture voltage of the zener diode, which controls the activation of the
drain voltage. This part of the circuit is shown in Fig. 5.20 b). It consists of a
LT1054 voltage converter and the LT1964 module which provides the desired
−3.3 V by means of a voltage divider connected to its ADJ bond. Moreover, an
10 µF output capacitor has been used in order to obtain the required transient
response.
Therefore, these two blocks are connected by a −3.3 V zener diode which
controls a npn transistor. These components are placed between the output
of the second block of the circuit, see Fig. 5.20 b), and the SHDN contact of
the LT3020, which are part of the first block of the circuit, see Fig. 5.20 a).
This can be seen in the LTSpice schematic of the complete bias circuit of one
LN4-110 amplifier in Fig. 5.21. These components, in addition to the transient
response of the output of the second block, delay the activation of the LT3020
block until the voltage in its SHDN contact is identical to the voltage in its
input, i.e. 3.3 V. As can be seen in the Figure, two output potentiometers
nets have been included in order to supply independently the required two
gate voltages for one amplifier.
The designed bias circuit is capable of feeding at least two LN4-110
amplifiers, which is a requirement for the W-band auto-calibrated receiver.
To this aim, the drain bond and also the potentiometers which provide the
gate voltages have been duplicated in the final design of the bias circuit of the
two amplifiers, which are part of the W-band auto-calibrated receiver. The
gate potentiometers have been included to adjust these voltages independently
for each amplifier.
Regarding the performance of this circuit, Fig. 5.22 a) shows its simulated
output voltages. As can be seen, the required sequence for the drain and
gate voltages is provided. Before the activation of the drain voltage, it is
not exactly zero but it is within its acceptable range. This range is specified
in the datasheet of the LN4-110 component. The maximum simulated drain
voltage in this inactivated state is 0.3 V whereas its maximum acceptable
value is 0.5 V. With respect to the gate voltages, they decrease up to −1 V
and when the drain voltage is activated, they increase. These gate voltages
can be controlled by the potentiometers in order to change their values
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Figure 5.21 – LTSpice schematic of the DC bias circuit of one LN4-110 amplifier.
144 5.3 Design of the DC circuit
0 5 10 15 20 25 30
−3
−2
−1
0
1
2
3
Time (ms)
Vo
lta
ge
 (V
)
 
 
DRAIN
GATES
−3.3V
3.3V
(a)
0 5 10 15 20 25 30
−1.5
−1
−0.5
0
Time (ms)
G
at
e 
vo
lta
ge
s 
(V
)
 
 
450 Ohms
500 Ohms
550 Ohms
600 Ohms
650 Ohms
(b)
Figure 5.22 – Simulated performance of the DC bias circuit of the LN4-110
amplifier; a) output voltages of the circuit and b) gate voltage as a function
of the potentiometers resistance, i.e. RV1 and RV3 in the schematic shown in
Fig. 5.21.
in the stationary state. These values can never reach 0.2 V according to
the datasheet. On the other hand, the gate voltages as a function of the
potentiometers resistances, i.e. RV1 and RV3 in the schematic shown in
Fig. 5.21, are depicted in Fig. 5.22 b). As shown, the gate voltage is capable
of decreasing around −1 V whereas its value in the stationary state is between
−0.15 and −0.85 V, which is enough to supply the suitable current to the
amplifier. In conclusion, the designed circuit works as expected.
5.3.2 Post-processing circuit of the output voltages of the
receiver
The design of the post-processing circuit of the output voltages of the receiver
is simpler than the design of the bias circuit of the amplifiers. The aim is
to amplify the output signals of the detectors and filter them. A priori, the
required amplification of this circuit is unknown. However, a quick estimation
of this can be done roughly.
For instance, a target is supposed to be an object with a specific
temperature, i.e. T0, which according to Planck’s radiation law [185] emits
an electromagnetic power given by:
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2h
c2

110GHz
75GHz
f3
e
hf
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df (5.1)
Where k is Boltzmann’s constant, i.e. 1.38 × 10−23 J/K, and h is Planck’s
constant, i.e. 6.63 × 10−34 Js. If the temperature is T0 = 290 K, the
power emitted would be 27.67 µW at W-band. The electromagnetic waves
will be spread out when they travel through the air and suffer an attenuation,
i.e. α =
1
4πd2
. Therefore, the input power to the receiver is defined by
Pin = αPAeff since Aeff =
Gλ2
4π
, i.e. the effective area of the antenna. The
distance between the target and the antenna is assumed to be d = 1 m and
the gain of a standard horn antenna at W-band is 20 dB. Taking this into
account, the input power of the receiver at W-band is approximately 184 pW,
i.e. −67.35 dBm. According to the ADS simulation shown in Section 3.4,
the W-band auto-calibrated receiver has a maximum gain between the WR10
waveguide to microstrip transition and the detectors of 20 dB, considering
ideal connections between components. Therefore, the input power of the
detectors is−47.35 dBm. Assuming that the typical sensitivity of the detectors
is β = 7 V/mW , the output voltage of the receiver is 129 µV.
The measured voltage of the receiver when it is focused on a target with
T0 = 290 K is desired to be 0.1 V, therefore, the minimum required gain of the
post-processing circuit is 777. However, this calculation has been carried out
taking into account an ideal performance. If losses are included, the required
amplification will be higher. Therefore, the post-processing gain has been
designed to be externally controlled by one potentiometer per output voltage,
i.e. the reference and the signal outputs.
Therefore, the post-processing circuit consists of an operational amplifier
for each output voltage, whose gain is controlled by a potentiometer, and
a subtracter, which performs the subtracting operation of the W-band auto-
calibrated receiver. A low-pass filter is implemented in each output of the post-
processing circuit, i.e. the reference, the signal and the difference between the
signal and the reference. Note that the outputs of the whole receiver are these
three voltages. The first two have been defined in order to test the performance
of the receiver. The last one is the desired auto-calibrated output, i.e. the
difference between the signal and the reference.
Fig. 5.23 shows the designed post-processing circuit. As can be seen,
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Figure 5.23 – LTSpice schematic of the post-processing circuit of the detectors
outputs.
LTC2054 modules amplify the output voltages of the detectors and a AD8276
unity-gain difference amplifier performs the subtracting operation. These
blocks require to be fed by 3.3 V, obtained from the LT1761 module since
the input voltage of 5 V. The designed low-pass filters have a cutoff frequency
of approximately 31 KHz.
If the output voltages of the detector in the reference and signal branches
are defined as 129 µV and 1.29 µV respectively, the obtained post-processing
circuit output voltages are those depicted in Fig. 5.24. Note that the depicted
transitory is only related to the defined simulation. As can be seen, the
output voltage in the reference and in the signal are 100.35 mV and 1.13 mV.
Therefore, the LTC2054 is capable of detecting the input voltage defined in
the signal branch. Due to the fact that the signal voltage is smaller than
the reference voltage, the difference between signal and reference voltages is
negative, i.e. −99.22 mV.
Chapter 5. Packaging of the W-band auto-calibrated receiver built in planar
technology 147
0 20 40 60 80 100
−100
−50
0
50
100
Time (ms)
Vo
lta
ge
 (m
V)
 
 
DIFFERENCE
REFERENCE
SIGNAL
Figure 5.24 – Output voltages of the DC post-processing circuit of the W-band
auto-calibrated receiver, which is shown in Fig. 5.23.
5.3.3 Complete DC circuit of the W-band auto-calibrated
receiver
The two main blocks of the DC circuit of the receiver have been designed.
Next, these two blocks have been arranged into the same PCB.
The PCB which contains these two circuits has to be also packaged.
Therefore, its dimensions will depend on the packaging metal block. The
main limitation is the width of the PCB, which is limited by the WR10 flange,
i.e. 19.05 mm width, because it defines the minimum distance between two
receivers on an array implementation, which has to be as small as possible.
On the other hand, the length of the PCB is not limited. It depends only on
the minimum space required by the whole circuit.
Taking into account the packaging cavity of the W-band auto-calibrated
receiver, the bias of the amplifiers and also the bonds to the detector outputs
have to be placed in the same layer of the PCB. Indeed, this layer will be in
contact to the metal in which the receiver is placed on to. Thus, this bottom
layer can not contain any of the components of the DC circuit. Therefore, all
the devices are welded on the other side of the circuit, i.e the top layer.
In order to comply with the mentioned requirements, a four layer PCB has
been designed using the CadSoft Eagle v6.0 PCB design software. This PCB
is built in FR4 and its thickness is 1.55 mm. It consists of:
• A top layer, see Fig. 5.25 a). This layer contains all the components
of the two blocks of the circuit. The PCB dimensions are specified in
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(a) Top layer
(b) Inner layer 1
(c) Inner layer 2
(d) Bottom layer
Figure 5.25 – Designed PCB of the DC circuit of the W-band auto-calibrated
receiver and its dimensions in mm.
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this Figure, i.e. 15.05 mm width and 99.8 mm length. As can be seen,
the PCB is not a rectangle. The substrate has been removed in some
parts of the PCB because some screws of the packaging will be placed
there. Moreover, two screws, which are defined as two big circles in the
middle of the PCB, will ensure the right placement of the circuit in the
packaging. The other four small circles in the right part of the PCB are
required to weld the connector.
• A bottom layer, see Fig. 5.25 d), which contains the pads of the amplifier
bias and detectors which are placed inside the two blue rectangles at the
left part of the PCB. The placement of these pads run exactly into the
holes of the packaging cavity of the receiver, as shown in Fig. 5.14 c).
Taking advantage of the fact that this layer is in contact to the metal
block, a big ground pad, i.e. the blue filled rectangle in the Figure, has
been placed in order to ensure the ground connection by welding.
• Two inner layers, see Fig. 5.25 b) and c), needed to do the remainder
connections. The green squares and circles are the required vias.
The designed PCB has been manufactured by Eurocircuits [186] with a
surface finish of chemical Ni/Au in order to facilitate the gold wire bondings
between the detectors and the pads of the post-processing circuit and also
between the surface mount capacitors and the pads of the bias circuit of the
amplifiers. A photograph of the top layer of two manufactured PCBs are
shown in Fig. 5.26. The surface finish of gold can be seen in the first one
whereas in the second one, all the components have been welded, even the
selected connector, i.e. SFM-105-02-L-DH-TR of Samtec [187].
The designed bias circuit of the amplifiers which is contained in the
manufactured PCB has been characterized obtaining the desired performance.
Fig. 5.27 shows the measured output voltages of the bias circuit of the
amplifiers in the ON and OFF states, which have been measured for two
reasons. First, to obtained the transitory state of the circuit and secondly, to
check that the OFF state is inverse to the ON state, which is required to reset
the MMIC amplifiers. As can be seen, both the drain and gates voltages have
the desired transitory state. Moreover, the difference between the minimum
voltages measured in the gates in these two states, i.e. −1.3 V in the ON state
and −0.8 V in the OFF state, is caused by the potentiometers resistances.
They are 500 Ω in the ON state whereas they are 650 Ω in the OFF state.
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Figure 5.26 – Photograph of two manufactured PCBs, one of them with all the
components welded.
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Figure 5.27 – Measured output voltages of the bias circuit of the low noise
amplifiers included in the manufactured PCB of the W-band auto-calibrated
receiver; a) ON and b) OFF stage.
These results are consistent with the simulated gate voltages as a function of
the potentiometer resistance shown in Fig. 5.22 b). Therefore, the design, the
manufacture and the assembly have been validated.
5.4 Design of the packaging metal block
At this point, the design of the metal block which packages all the components
of the W-band auto-calibrated receiver can be carried out. These components
are the inner cavity which contains the planar structure of the receiver and
the designed DC circuit. Moreover, the WR10 flange has to be also included.
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This flange determines the width of the packaging metal block and the DC
circuit defines its length.
This metal packaging which consists of two main blocks can be seen in
Fig. 5.28. The top block contains the planar structure of the receiver on one
side, see Fig. 5.28 b), and packages the DC circuit on the other side, in green
in Fig. 5.28 a). The designed DC circuit has vias in its bottom layer, i.e. the
layer which will be in contact to the metal block, thereby the metal has been
partially removed creating a gap between the PCB and the metal block. This
can be seen in Fig. 5.28 a) in which a rectangular shape is shown under the
DC circuit in the top block of the packaging. This is also done where the
DC circuit has the feeding contacts of the amplifiers and the bonds of the
detectors outputs. Moreover, a cover has been included to protect the DC
circuit. The selected connector is also shown in the top block in Fig. 5.28 a) in
which part of the metal has been removed in order to connect the back part of
the connector. With respect to the bottom block of the packaging, it contains
the top part of the cavity in which the pin surface is inserted.
These two parts have been split according to the E-plane of the WR10
waveguide in order to minimize the losses. As can be seen the WR10 waveguide
has been bent in order to centre the WR10 flange included in the packaging.
This minimizes its size. Moreover, twelve screws hold together these two
blocks. Indeed, two of these screws fit the DC circuit to the top block to
ensure its proper placing. However, the ground contact between the DC
circuit and the metal block will be carried out by welding these parts with
silver epoxy adhesive. On the other hand, the alignment of these two blocks
of the packaging is done by four dowel pins as shown in the bottom block in
Fig. 5.28 a).
With respect to the external shape of the packaging, four dowel pins for
each side have been included to facilitate the assembly of several packaged
W-band auto-calibrated receivers in an array configuration. It has been carried
out in such a way that two different array configurations are feasible, as shown
in Fig. 5.29. These array configurations are based on square and hexagonal
implementations. As can be seen, in the external side of the bottom block of
the packaging, two parts of metal have been removed because the four screws
which fit the cover protrude from the block.
The dimensions of each metal block are shown in Appendix B. The total
dimensions of the packaging metal block are 130.5 mm length and 19.05 mm
width and height. All the dowel pins have a diameter of 1.6 mm and a length
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(a) Top view (b) Bottom view
Figure 5.28 – Designed packaging of the W-band auto-calibrated receiver; a) top
and b) bottom view of the blocks which are part of the packaging. The DC circuit
and the connector are included.
(a) (b)
Figure 5.29 – Feasible array configurations of W-band auto-calibrated receivers;
a) square and b) hexagonal array.
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of 8 mm and the screws are M2 with different lengths, i.e. eight screws of
12 mm and four of 6 mm. The shorter ones are those placed inside the cavity
of the DC circuit. With respect to the flange is a standard WR10 flange
whose width is 19.05 mm. It consists of the WR10 waveguide which has four
4-40 UNC-2B screws and four dowel pins. The dimensions of the cover are
100.63 mm length, 15.98 mm width and 2 mm thick.
5.5 Conclusions
In this Chapter, the design of the cavity which packages the planar structure
of the W-band auto-calibrated receiver has been presented. This cavity uses
an innovative solution in order to prevent resonances which degrade the
receiver performance. The propagation of parallel-plate modes is blocked
within a certain frequency band (stop-band) by means of a periodic structure
placed in the top ground plate of this cavity. In particular, the selected
periodic structure is based on a square pin surface. For the first time, a deep
understanding of the behaviour of its modes and the influence of the different
parameters on its performance have been shown in this Chapter. Besides, as a
result of the acquired knowledge in the complete parametric study, the design
guidelines of this pin surface have been defined in order to create a certain
stop-band. Moreover, a prototype has been manufactured and assembled
and the removal of the propagation of cavity modes has been demonstrated
experimentally. At that point, the design of the last components of the W-
band auto-calibrated receiver has been carried out, i.e. the DC circuit and the
packaging aluminium block which will contain all the components. The DC
circuit consists of two blocks: the circuit of the amplifiers and the DC output
amplification circuit. Finally, the packaging metal block of the W-band auto-
calibrated receiver has been designed considering the implementation of both
square and pyramidal arrays of receivers.

Chapter 6
Assembly and
characterization of the
W-band auto-calibrated
receiver
6.1 Introduction
This Chapter presents the assembly of the components which are part of
the W-band auto-calibrated receiver, the realization of the connections with
gold wire bonding, the bias process of the low noise amplifiers and the
characterization of the W-band auto-calibrated receiver.
The components of the W-band receiver are the packaging metal block, the
microstrip circuit which contains the WR10 waveguide to microstrip transition
and the quadrature hybrid couplers, the DC circuit and the MMIC devices,
i.e. the low noise amplifiers and the detectors. With respect to the DC circuit,
its components have been welded and its performance has been validated in
Chapter 5. Moreover, the MMIC devices are now available. Therefore, the
only two components of the receiver required to be manufactured are the
packaging metal block and the microstrip part. Their manufacturing and also
the assembly of the components in the packaging metal block are presented
in this Chapter. Moreover, the realization of the bondwire connections using
the TPT HB16D bonder machine is commented.
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Next, the bias process of the low noise amplifiers is explained. Once
it is done, the measurement of the performance of the designed W-band
auto-calibrated receiver is carried out in terms of input reflection coefficient,
dynamic range, RF-DC response, effective bandwidth and equivalent noise
temperature.
6.2 Manufacturing and assembly of the W-band
auto-calibrated receiver
In this Section, the assembly of the components which are part of the W-
band auto-calibrated receiver and the manufacturing of some components are
presented. Indeed, the components which are needed to be manufactured are
the packaging metal block and the microstrip part of the receiver.
Regarding the packaging aluminium block, it has been manufactured by
UTILMET S.L. [188] using a high precision milling technique. The three parts
of the packaging, which are the top and bottom blocks and the cover, are shown
in Fig. 6.1. As can be seen in Fig. 6.1 a), the pin surface is included in the
top layer of the inner cavity in which the planar receiver has to be contained.
This pin surface is placed in the top block of the packaging. Moreover, the
gaps milled inside the cavity in which the DC circuit has to be welded can be
seen in the bottom block of the packaging, see Fig. 6.1 d). These gaps avoid
the contact between some signal vias of the DC circuit and the metal block.
The dimensions of the manufactured blocks have been validated.
With respect to the microstrip part of the W-band auto-calibrated receiver
which contains the WR10 waveguide to microstrip transition and the input
and output quadrature hybrid couplers, it is built on 0.127 mm thick
RO5880 substrate. It has been manufactured with a LPKF ProtoLaser 200
micromachining system, see Fig. 6.2 a), and the outer cut has been carried
out with a DAD320 dicing machine, see Fig. 6.2 b).
Once these components have been manufactured, the assembly of the
components which are part of the W-band auto-calibrated receiver into the
packaging aluminium block can be carried out. These components are the
DC circuit, the microstrip part and the MMIC devices. All of them have
been welded to the packaging using EPO-TEK-H20E silver loaded epoxy
adhesive. This provides the same ground contact to all components. Once
one component is positioned and aligned in the metal block, the block is
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(a)
(b)
(c)
(d)
(e)
Figure 6.1 – Photographs of the manufactured aluminium packaging block:
a) interior and b) exterior view of the top block of the packaging; c) interior and
d) exterior view of the bottom block of the packaging and e) the cover.
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(a) (b)
Figure 6.2 – Photographs of the a) LPKF Protolaser 200 laser milling machine
and b) DAD320 Automatic Dicing machine.
warmed up to 100◦ C during two hours in order to cure the epoxy. Therefore,
the assembly of the components is carried out step by step, i.e. component
to component, due to two reasons. The first one is that the DC circuit is on
the opposite side of the planar receiver. In addition, this process avoids the
unneeded overheating of the MMIC devices which could damage them.
Firstly, the DC circuit is welded using epoxy adhesive in its cavity, which
is placed in the bottom block of the packaging. It has to be done taking into
account two aspects. The first one is that the big ground pad of the DC circuit
has to be in contact with the block to ensure the same ground contact. And
the second aspect is that the bias pads of the amplifiers and the pads of the
detectors have to be aligned in their holes in order to allow the realization of
the required bondwires. The second component to be welded is the microstrip
circuits. And finally, the MMIC devices can be positioned. The alignment
of these last components is critical because the distance between the input
and output microstrip lines has been fixed in order to shorten the required
bondwires. Therefore, this alignment is carried out by means of the pick and
place tool of the TPT HB16D bonder machine. Some photographs of these
three assembly steps are shown in Fig. 6.3. The position of the pads of the
DC circuit in their holes is shown in this Figure.
Once the components have been assembled, it is important to fit the gate
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(a)
(b)
(c)
Figure 6.3 – Photographs of the assembly steps; the assembly of a) the DC
circuit, b) the microstrip part of the receiver and c) the MMIC devices.
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voltages provided by the DC circuit up to a value in which the amplifiers are
in OFF states, i.e. −0.5 V, in order to protect them. Next, the required
bondwires are done by the TPT HB16D bonder machine using its wedge
tool and a 25 µm diameter gold wire. Fig. 6.4 shows photographs of the
assembled components of the receiver. The gold wire bondings are shown in
this Figure. As can be seen in Fig. 6.4 a) and b), two bondwires have been used
to guarantee the connections in the bias pads of the amplifiers. In addition,
the drain bias connections of the amplifiers are crossed due to a mistake in the
placement of these pads in the DC circuit. The ground pads of the coplanar
lines in the detectors and attenuator have been bonded to the metal block,
see Fig. 6.4 c), d) and e). Finally, Fig. 6.4 f), g) and h) show the alignment
of the transition and the input and output quadrature hybrid couplers of the
microstrip part of the receiver. As can be seen, the last two components have
been properly manufactured.
After the connections have been verified, the bias process of the LNAs can
be done. The optimum operating point of these amplifiers is characterized
by a drain current of 35 mA. Therefore, the bias process process consists of
adjusting the gate voltages provided by the DC circuit up to values in which
the drain current of the amplifier is that required. Consequently, the set-up
shown in Fig. 6.5 a) is implemented to activate the amplifiers. This set-up
facilitates the gate voltage adjusting while the drain current is being directly
measured in the drain bias. This measurement is done by means of two tips
which are placed in each capacitor of the drain bias, see Fig. 6.5 b), because
the accuracy of the available multimeter is not enough to measure the current
consumption of the DC circuit in the power supply source. Moreover, the
potentiometers which control the gate voltages of the DC circuit have to be
accessible in order to allow their adjustment, as it is shown in Fig. 6.5 c).
Before the bias process of each amplifier, it is verified that the current
consumption of the DC circuit is identical to the current consumption of the
DC circuit when the amplifiers are not connected, i.e. 0.23 A. This check
implies that the amplifiers are in OFF state as expected. After that, the bias
process is simple. Once the DC circuit is powered, the gate voltages of one
amplifier have to be increased up to a values in which the drain current is
35 mA. Remember that the amplifiers have two gate voltages. Therefore, in
order to simplify the process, these two voltages are simultaneously increased.
When one amplifier is in its optimum operating point, i.e. its measured drain
current is approximately 35 mA, the current consumption of the power supply
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(a) (b)
(c) (d)
(e) (f)
(g) (h)
Figure 6.4 – Photographs of the assembled components of the W-band auto-
calibrated receiver: a) and b) low noise amplifiers, c) and d) detectors,
e) attenuator, f) WR10 waveguide to microstrip transition, g) and h) input and
output W-band quadrature hybrid couplers.
162 6.2 Manufacturing and assembly of the W-band auto-calibrated receiver
(a)
(b) (c)
Figure 6.5 – Photographs of the amplifier gate voltages adjustment set-up.
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source is 0.27 A, as can be seen in Fig. 6.5 a). This corresponds to the
current consumption of the DC circuit itself in addition to the drain current
consumption of one amplifier. Next, the other amplifier is connected to the
tips and the process is repeated. In this implementation, the optimum gate
voltages for the two amplifiers are −0.1 and 0.05 V respectively.
Once it is finished, the packaging metal block of the W-band auto-
calibrated receiver is closed and ready for characterization with WR10
waveguide based equipment.
6.3 Characterization of the W-band auto-calibrated
receiver prototype
The characterization of the W-band auto-calibrated receiver is carried out in
terms of input reflection coefficient, dynamic range, RF-DC response, effective
bandwidth and equivalent noise temperature.
This characterization is indispensable in order to calculate the sensitivity
of the proposed receiver, i.e ∆Tmin, see Eq. 1.12. It mainly depends on the
effective bandwidth and the equivalent noise temperature of the receiver, i.e.
BHF and TSN respectively. On the one hand, the RF-DC response is required
to obtain the effective bandwidth as explained below. On the other hand,
the measurement of the equivalent noise temperature is carried out using the
Y-factor method which can be done taking into account the dynamic range of
the receiver.
The measurement set-ups and the results are explained below.
6.3.1 Reflection coefficient
For the input reflection coefficient measurement, the W-band auto-calibrated
receiver is powered at least half an hour before the connection to the equipment
in order to stabilize its performance. The current consumption of the receiver
is approximately 310 mA, which is the same consumption of the designed
DC circuit itself when the amplifiers are activated, as shown in the previous
Section.
A photograph of the set-up which carries out the reflection coefficient
measurement of the receiver is shown in Fig. 6.6. One VDI W-band VNA
extender of the Agilent PNA-X E3861C Microwave Network Analyser is used
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Figure 6.6 – Measurement set-up of the reflection coefficient of the W-band
auto-calibrated receiver.
as a WR10 power source. The output power of this equipment needs to be
attenuated because it is approximately 8 dBm and the maximum input power
of the LN4-110 amplifiers is −20 dBm. Therefore, 25 dB of attenuation is
applied to avoid the saturation of the LNAs by means of a 5 dB attenuator
connected to the coupled port of a 20 dB directional coupler. This attenuation
is enough because the losses produced by the input quadrature hybrid coupler
and the WR10 waveguide to microstrip transition are higher than 3 dB.
Moreover, the application of higher attenuation decreases the dynamic range
of the measurement equipment. As can be seen in this Figure, a W-band load
is connected to the direct port of the directional coupler and the receiver is
connected to the output port of the 5 dB attenuator. Moreover, the equipment
has been calibrated in this port in order to measure the input reflection
coefficient of the receiver directly.
Fig. 6.7 shows a comparison between simulated and measured reflection
coefficients of the W-band auto-calibrated receiver. The length of the
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Figure 6.7 – Comparison between simulated and measured reflection coefficient
of the W-band auto-calibrated receiver.
bondwires used in the connections between components in the receiver has
been measured and introduced in the simulation results. Good agreement has
been obtained between simulation and measurement. The major discrepancies
are below 80 GHz due to fabrication errors in the microstrip part of the
receiver and, consequently, the misalignment of the E-plane probe of the WR10
waveguide to microstrip transition.
The reflection coefficient measurement of the W-band auto-calibrated
receiver has been also carried out with the LNAs in OFF state in order to
show its effect. This can be seen clearly in Fig. 6.8. Whereas the reflection
coefficients are similar when the amplifiers are in ON and OFF states, see
Fig. 6.8 a), the effect of the amplifiers is more detectable in the inverse FFT of
the measured reflection coefficient, see Fig. 6.8 b). The mismatching between
components of the receiver can be detected clearly taking into account the
reflection peaks in this Figure. These peaks are located at approximately
45, 95, 135, 166, 214 and 273 ps which correspond to the bend of the WR10
waveguide, the WR10 waveguide to microstrip transition, the input quadrature
hybrid coupler, the attenuator, the amplifiers and the output quadrature
hybrid coupler respectively. As can be seen, the reflection peaks change around
310 ps. This reflection is produced at a distance of 23 mm with respect to the
WR10 waveguide to microstrip transition of the receiver, which corresponds to
the location of the W-band detectors. Their input signal when the amplifiers
are in ON state is higher; therefore, the reflected signal is also higher due to
the mismatching of these components. This demonstrates that the amplifiers
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Figure 6.8 – a) Comparison between simulated and measured reflection
coefficients and b) the inverse FFT of the measured reflection coefficients when
the two amplifiers of the W-band auto-calibrated receiver are in ON and OFF
state.
are amplifying the W-band signal.
6.3.2 Pin-Vout response: Dynamic range
The dynamic range of the W-band auto-calibrated receiver is characterized
by the measurement of the output detected voltage as a function of the input
supplied power, i.e. the Pin-Vout response. The required input power swept
for this measurement is from −70 to −15 dBm for each frequency. The
lowest limit corresponds approximately to the emitted power of an object
with T = 77 K. This power level is expected to be undetectable by the W-
band auto-calibrated receiver because of its gain and the noise power level
of the detectors themselves. However, it is interesting in order to obtain the
performance of the receiver. On the other hand, −15 dBm is the maximum
input power supported by the amplifiers, taking into account the losses of the
WR10 waveguide to microstrip transition and of the input quadrature hybrid
coupler.
A picture of the set-up for this measurement is shown in Fig. 6.9. In
the W-band auto-calibrated receiver, three output DC voltages have to be
simultaneously measured. They correspond to the auto-calibrated output,
i.e. the difference between signal and reference, the signal and the reference.
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Therefore, the set-up consists of two parts; the first one is the equipment which
supplies the RF signal and the second part measures the output DC voltages
of the receiver.
With respect to the available RF signal equipment, it consists of an ELVA
G4-143e Millimeter Wave Generator in which output port an Elva IF-08 S-
0405/05 isolator is connected in order to protect this equipment. It provides
a maximum output power of 15 dBm from 90 GHz to 140 GHz which can be
controlled by decreasing its percentage. However, this output power is higher
than the desired range of input powers of the receiver. Therefore, a W-band
20 dB directional coupler and a 5 and 10 dB W-band attenuators connected
to its coupled port have been used before the receiver to ensure that the
amplifiers are not saturated. Moreover, a WR8 to WR10 waveguide transition
is required to connect the output of the RF equipment with these W-band
components. These components and the W-band auto-calibrated receiver can
be seen in Fig. 6.9 b). An Erickson PM5 Submillimeter Power Meter has been
connected to the direct port of the coupler in order to measure the power
simultaneously. Consequently, the supplied input power of the receiver is
calculated taking into account the measured performance of the attenuators
and the directional coupler at W-band. Fig. 6.10 shows the maximum power
which is supplied by the equipment in the input port of the receiver for each
frequency. This power is below −20 dBm (the maximum input power of the
amplifiers) along the entire considered frequency band. The maximum power
measured by the power meter and the total attenuation of the set-up are also
included in this Figure.
Regarding the DC output part of the set-up, it consists of three multimeters
which measure the output voltages of the receiver. Both the equipment and
the W-band auto-calibrated receiver have been switched on at least half an
hour before the measurement to stabilize their performances, as well as in
the reflection coefficient measurement. The potentiometers which control the
amplification of the output DC voltages of the receiver have been adjusted so
that the DC circuit is not saturated for the maximum available input power
of the receiver, i.e. −21.22 dBm at 90 GHz.
The measured signal voltage (dBmV) as a function of the input power
of the receiver, i.e. Pin (dBm), for each frequency in the range from 90 to
110 GHz, is shown in Fig. 6.11. Note that the sweep of Pin for each frequency
is not linear because the equipment does not allow it. As can be seen, the
measured Pin-Vout response of the W-band auto-calibrated receiver is higher
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(a)
(b)
Figure 6.9 – Set-up considered to measure the dynamic range of the W-band
auto-calibrated receiver.
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Figure 6.10 – Maximum input power supplied by the measurement set-up in
the input port of the W-band auto-calibrated receiver. The maximum power
measured by the power meter and the total attenuation of the system are also
included.
in those frequencies at which the sensitivity and the impedance matching of
the commercial detectors are higher, i.e. from 90 to 96 GHz, see Fig. 6.12.
However, the measured minimum detectable power for each frequency, i.e. the
lowest limit of the dynamic range, is higher than expected. The receiver is not
capable of detecting signal powers below −40 dBm, as can be seen in Fig. 6.13.
Remember that the emitted power of an object with T0 = 290 K at W-band
at a distance of 1 and 0.5 m are −67.35 and −61.30 dBm respectively.
This lack of sensitivity is produced by the limited gain of the receiver taking
into account the noise equivalent power of the detectors. The noise equivalent
power of the commercial V1A HRL detectors given by the manufacturer is
less than 1 pW/
√
Hz which corresponds to a maximum noise power lower
than −37.33 dBm. Therefore, signal powers below this value are undetectable
for the detectors. Taking into account the simulated RF gain of the receiver
considering the lengths of its bondwires and also this noise power, the
minimum detectable power can be calculated for each frequency, as it is shown
in Fig. 6.13. As can be seen in this Figure, the results demonstrates that the
expected gain is at least 10 dB lower at the best frequency, i.e. 93 GHz, and up
to 23 dB in the worst frequency, i.e. 97 GHz. These gain reductions are really
high and penalize the dynamic range of the receiver. They can be produced
mainly by the fact that the amplifiers are not well activated. Another source
of discrepancy can be the added dielectric losses in the microstrip part of
the receiver, i.e. the WR10 waveguide to microstrip transition and the two
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Figure 6.11 – Measured Pin-Vout response of the W-band auto-calibrated
receiver in the signal output port from 90 to 110 GHz.
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Figure 6.12 – a) Sensitivity (V/mW) and b) reflection coefficient of the V1A
HRL detectors at the considered frequency band for the measurement of the Pin-
Vout response of the W-band auto-calibrated receiver. Nominal data provided by
HRL Laboratories.
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Figure 6.13 – Comparison between the measured minimum detectable power
and the calculated minimum detectable power of the receiver taking into account
the simulated gain and the detector noise equivalent power.
quadrature hybrid couplers. These facts will be discussed in Section 6.4.
In addition, the expected minimum detectable power of the W-band auto-
calibrated receiver is not enough to detect an object with T0 = 290 K because
it is higher than the emitted power of this target. Therefore, the added losses
produced by the length of the bondwires and the microstrip part of the receiver
have to be improved. The possibility of using other low loss substrate such as
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Figure 6.14 – Measured Pin-Vout response of the W-band auto-calibrated
receiver in the reference output port from 90 to 110 GHz.
COC substrate could be an option. This would decrease the dielectric losses
in at least 7 dB in the WR10 waveguide to microstrip transition and the two
quadrature hybrid couplers.
With respect to the measurement of the Pin-Vout response of the W-band
auto-calibrated receiver in the reference output port, it is depicted in Fig. 6.14
from 90 to 110 GHz. The reference output of the receiver performs the
calibration of the system. Therefore, it has to be constant along the entire W-
band. As can be seen in this Figure, the measured reference output voltage of
the receiver is approximately 32 dBmV for each frequency and input applied
power. Only the frequency 94 GHz is an exception, because apparently part of
the input power is coupled to this port. However, this power coupling seems
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to be an error in the measurements because it is almost constant as the input
applied power increases. The measured output reference voltage is identical
to the measured output signal voltage when the receiver is in OFF state or
receiving an undetectable input power, see Fig. 6.11. Therefore, the results
in the output reference port demonstrate that the balanced structure of the
receiver is working properly and it is able to separate its two input signals.
6.3.3 RF-DC response and Effective Bandwidth
The measurement of the RF-DC response is required to obtain the effective
bandwidth of the W-band auto-calibrated receiver. For this measurement, a
constant input power has to be applied along the entire W-band. An input
power between −67 and −61 dBm is interesting to obtain the performance
of the receiver since this is the expected input power when working in a
passive imaging system. However, this input power range is undetectable for
the receiver as it has been demonstrated in the measurement of the Pin-Vout
response. Therefore, taking into account that the sensitivity of the receiver
is not enough, the RF-DC response can be measured by applying a constant
input power which is inside the dynamic range of the receiver. However, the
dynamic range is quite different in each measured frequency. Indeed, the
receiver does not work in all of the measured frequencies, i.e. from 104 to
107 GHz. These non operating frequencies can be seen clearly if the RF-DC
response of the receiver in the output signal and reference ports is depicted
for each frequency taking into account a constant input power of −28 dBm,
see Fig. 6.15.
Although the applied input signal is not realistic in a passive system, these
results have been used to calculate the effective bandwidth of the receiver.
If the input applied power is constant along the entire W-band, the effective
bandwidth can be calculated as:
B =
(
 f2
f1
(Vout(f)− Voutoff ) df
)2
 f2
f1
(Vout(f)− Voutoff )2 df
(6.1)
Where Vout(f) is the DC output voltage for each frequency and Voutoff is
the DC output voltage when the power source is in OFF state. However, the
measurements have been carried out in a certain number of frequencies because
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Figure 6.15 – Measured RF-DC response of the W-band auto-calibrated receiver
for a constant input power of −28 dBm from 90 to 110 GHz.
the sweep has been step by step instead of a continuous ramp. Therefore, this
expression can be written as:
B = ∆f ·
(
N
N + 1
) (∑N
i=1 Vout(i) − Voutoff
)2
∑N
i=1 (Vout(i) − Voutoff )2
(6.2)
Where N is the number of frequency points taken into account in the
measurement and ∆f is the frequency step. Taking into account that the
input power is constant, the effective bandwidth does not depend on its value.
The resulting effective bandwidth of the W-band auto-calibrated receiver
is 4.103 GHz instead of the expected 13.71 GHz. This expected value has been
calculated taking into account the simulated gain of the receiver considering
the lengths of its bondwires and the detector sensitivity provided by HRL
Laboratories in the frequency range from 90 to 110 GHz. The resulting
effective bandwidth, i.e. 4.103 GHz, is lower than that expected because it is
affected by the mismatching between components of the receiver and also by
the fact that the receiver gain is not constant along the W-band.
6.3.4 Equivalent Noise temperature
The equivalent noise temperature of a receiver is calculated using the Y-factor
method [189], [190]. This method is based on the relation between the receiver
outputs when two known noise temperatures are used as sources in its input
port:
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Figure 6.16 – Output voltage as a function of input temperature; linearity of
the receiver.
Y =
Vhot
Vcold
(6.3)
The noise output voltages, Vhot and Vcold, are the amplified input noise in
addition to the noise added by the receiver itself. These two outputs have to
be measured using input powers which are within the dynamic range of the
receiver as can be seen in Fig. 6.16. For instance, when a cold source lower
than the equivalent noise temperature of the receiver, i.e. TSN , is considered,
the obtained Y-factor is erroneous because it is lower than expected. In this
Figure, Va corresponds to the noise added by the receiver itself and it is
proportional to the equivalent noise temperature of the receiver. If the receiver
is ideal and no noise is added, Va is 0. The slope of the curve is αkGavB in
which α is the sensitivity of the detector, B is the equivalent noise bandwidth,
Gav corresponds to the gain of the receiver and k is the Boltzmann’s constant.
As it is shown, Vhot and Vcold are proportional to the noise temperature of
the hot and cold sources, i.e. Thot and Tcold respectively.
In order to measure Vhot and Vcold, an absorbing material at ambient
temperature is used as a hot source and the cold source is the same absorbing
material soaked in liquid nitrogen at its boiling temperature (77 K). For the
measurement, this two known noise temperatures are placed covering the
receiver antenna. Note that they produce a noise temperature with a planar
spectral power density. Therefore, the equivalent noise temperature of the
receiver can be calculated as it is shown in Eq. 6.4.
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TSN =
Thot − Y Tcold
Y − 1 (6.4)
Unfortunately, the measurement of the equivalent noise temperature of
the W-band auto-calibrated receiver using Y-factor method is not feasible
because its sensitivity is not enough to detect the emitted power of these
known noise sources. Other W-band noise sources could be used to generate
noise within the dynamic range of the receiver in order to measure the Y-factor
and, consequently, its equivalent noise temperature [191]. However, these are
not available within our group.
6.4 Discussion of the results and future improve-
ments
The measurement of the dynamic range of the W-band auto-calibrated receiver
demonstrates two aspects. The first one is the performance of the balanced
structure and its capability of separate the input signals, i.e. the input signal
and the reference. Conversely, it has been shown that the receiver does not
have enough sensitivity to be used in a passive imaging system. This last
statement is produced by the reduction of its gain which is affected by the
following factors:
• Losses added by the length of the bondwires, specially those which
connect the low noise amplifiers with the 50 Ω microstrip lines built
in 0.127 mm thick RO5880 substrate.
• Impedance mismatching between components which produce ripple in
the total gain of the receiver and, consequently, the reduction of its
effective bandwidth.
• Losses due to the misalignment of the E-plane probe in the WR10
waveguide to microstrip transition. A mismatching in the lower part
of the operating frequency band has been detected in the reflection
coefficient measurement.
• Additional losses in the quadrature hybrid coupler due to the used
substrate.
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• Although the amplifiers are working as it has been demonstrated in
the reflection coefficient measurement, the measurement of the dynamic
range of the receiver and the calculation of the receiver’s total gain show
that the loss of receiver’s gain is so high that it is produced by the
fact that the gain of the amplifiers are not as large as expected, i.e.
approximately 22 dB.
The losses added by the length of the bondwires can be improved in
the assembly of the receiver’s components improving the use of the TPT
HB16D bonder machine and placing the components closer. Moreover, this
also improves the mismatching between components and consequently, the
effective bandwidth of the receiver since it reduces the ripples in the total gain
of the receiver. The large the effective bandwidth, the better the sensitivity
of the receiver, i.e. ∆Tmin, which is its figure of merit.
With respect to the losses in the WR10 waveguide to microstrip transition
and the quadrature hybrid couplers, it could be improved up to 7 dB if other
low loss substrate such as COC polymer is considered. However, the realization
of the gold wire bondings will be a challenge. So far, an improvement of the
outer cut in the microstrip part of the receiver ensures the correct alignment
of the transition and, consequently, better matching at least in the lower part
of the W-band.
Regarding the gain of the amplifiers, it is clear that the obtained
amplification is not as expected. Therefore, the last available low noise
amplifier has been assembled in the receiver in order to check the drain current
at which it is working in its optimum operating point. For this aim, the set-
up shown in Fig. 6.17 has been implemented. It consists of a W-band power
source, i.e. a VDI Wband VNA extender of the Agilent PNA-X E3861C
Microwave Network Analyser, connected to a 20 dB directional coupler and a
W-band attenuator which ensures the supply of a suitable input power which
does not saturate the amplifier. This input power is measured by a power
meter in the direct port of the directional coupler. The current consumption
of the DC circuit and the output voltage of the receiver are controlled by two
multimeters.
The current consumption of the DC circuit before bias process of the
amplifier is 270 mA. Therefore, the drain current consumption of the amplifier
is the consumption shown in the multimeter minus this value. In order to
obtain the optimum performance of this amplifier, the two gate voltages are
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Figure 6.17 – Set-up for the measurement of the output voltage as a function
of the drain current consumption of one low noise amplifier assembled in the
W-band auto-calibrated receiver.
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Figure 6.18 – Drain current consumption of the amplifier and output voltage
of the receiver as a function of the gate voltages at 93 GHz.
increased simultaneously whereas the drain current and the output voltage are
measured. The measurement has been carried out only at that frequency in
which a better performance has been obtained in previous measurements, i.e.
93 GHz.
The results of this measurement can be seen in Fig. 6.18. The maximum
output voltage of the receiver is obtained when the two gate voltages of
this amplifier are approximately 0 V. At this value, the drain current of the
amplifier is 20 mA which is quite different to those expected 35 mA, i.e. the
value given by the manufacturer. The optimum 35 mA drain current measured
by the manufacturer was obtained when the LNA was connected to W-band
coplanar probes in the input and output ports. Therefore, the characteristic
impedances of these ports are exactly 50 Ω. Conversely, these impedances
are not ensure in the W-band auto-calibrated receiver and, it is postulated
that these additional reflections produce modification of the optimum drain
current.
The same set-up has been used to measure the Pin-Vout response of the
receiver with only one amplifier working with two different drain currents at
93 GHz in order to compare its performance. These values are the drain
current at which a maximum amplification has been obtained, i.e. 20 mA,
and those given by the manufacturer, i.e. 35 mA. The input power of the
receiver is controlled by the W-band attenuator. The results are shown in
Fig. 6.19. Note that the reference output has not been measured because the
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Figure 6.19 – Pin-Vout response of the receiver with only one amplifier working
with two different drain current consumptions at 93 GHz.
balanced structure of the receiver with one amplifier does not exist.
As can be seen, the differences between the performance of the receiver
with one amplifier working at two different drain currents are very large. The
receiver detects up to −30 dBm with a drain current of 35 mA instead of
−40 dBm, i.e. when the drain current is 20 mA. This implies at least an
improvement of 10 dB in the gain of the amplifier. Moreover, it demonstrates
that in previous measurements the loss in the total gain of the W-band auto-
calibrated receiver can be at least 16 dB. This calculation has been done
taking into account that the receiver with only one amplifier obtains at its
output a quarter of the input signal. Moreover, we are supposing that the
performance of the previous assembled amplifiers are identical to this one.
It may not be entirely true. However, the main problem which strongly
penalises the performance of the W-band auto-calibrated receiver has been
found. If the gate voltages of the two amplifiers which are part of the W-band
auto-calibrated receiver are readjusted in order to obtain its optimum drain
current consumption, the odds are that the receiver works at least close to its
behaviour obtained in simulation.
6.5 Conclusions
This Chapter has presented the fabrication and assembly of both the packaging
metal block and the microstrip part of the receiver. Once it has been done,
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the gold wire bondings and the biasing of the amplifiers have been carried
out. This bias has been adjusted to 35 mA drain current, as the manufacturer
recommended. Finally, the complete W-band auto-calibrated receiver has been
characterized in terms of input reflection coefficient, dynamic range, RF-DC
response and effective bandwidth. Moreover, the measurement of the dynamic
range of the W-band auto-calibrated receiver in its output reference signal
has verified that the balanced structure of the receiver works as expected
and it is able to perform the internal calibration of the system. Although the
measurement of its input reflection coefficient has confirmed that the amplifiers
are amplifying, the dynamic range of the receiver has showed that the receiver
gain is not as high as expected. Indeed, the reduction of receiver gain is
between 10 and 23 dB. As explained in this Chapter, some problems have
contributed to this reduction of receiver gain. Firstly, the added dielectric
losses in the microstrip part of the receiver increase the receiver noise and
reduce its sensitivity. The use of a lower loss substrate such as COC polymer
could be an improvement. Indeed, simulations show that the receiver dielectric
losses would decrease in at least 7 dB if COC polymer is used and the gold wire
bondings are shortened. However, the reduction of the receiver gain has been
found to be mainly produced by the fact that the amplifiers are not working
at their optimum operating point as it has been demonstrated experimentally.
Certainly, better results would be obtained if other bias point is used. An
increase of at least 16 dB in the receiver gain at 93 GHz has been confirmed by
analysing the differences between the dynamic range of the receiver taking into
account two drain currents, i.e. the optimum experimental value (20 mA) and
the value recommended by the manufacturer (35 mA). This implies that the
performance of the amplifiers of the W-band auto-calibrated receiver are not
optimum in the measurements. Therefore, readjusting the drain current of the
amplifiers would be required in order to accomplish the expected performance
of the receiver. However, the W-band auto-calibrated receiver can not be
characterized taking into account the commented improvements because no
MMIC amplifiers are now available.

Chapter 7
Design and characterization
of a W-band Vivaldi antenna
7.1 Introduction
Most passive millimetre and submillimetre imaging cameras work with
horn antennas connected to the receivers. These antennas allow achieving
broadband systems and a very good control of the radiation pattern, which
can be matched to the requirements of the optimum systems. However, the
resulting multiple-beam systems can be heavy, bulky and more complicated
to assemble. An interesting alternative in order to reduce the size and
weight of these imaging cameras is the use of planar antennas with broadband
performance. The integration of the W-band auto-calibrated receiver and the
planar antenna on the same substrate provides a compact easy to manufacture
the receiver. Moreover, this facilitates the implementation of a multiple pixel
imaging system.
In particular, the selected planar antenna is a Vivaldi antenna which
produces an end-fire radiation with symmetrical beam patterns whose peak
directivity can be higher than 10 dBi. This type of antennas has broadband
performance able to cover the entire W-band. Therefore, the challenge is the
design of a broadband microstrip to slotline transition.
In this Chapter, the design process of the W-band Vivaldi antenna and
their simulated performance are shown. And finally, these simulations have
been experimentally validated with waveguide based equipment using the
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Figure 7.1 – Examples of Tapered Slot Antennas.
WR10 waveguide to microstrip transition presented in Section 4.3.
7.2 Planar Antennas
As mentioned, planar antennas are easy to integrate on the same substrate
of the receiver and also, a large number of them can be easily implemented.
Moreover, their manufacture using photo-lithographic techniques reduces the
cost of a multiple-beam system [192].
The family of planar antennas can be classified in two groups depending
on their direction of radiation with respect to the plane of the antenna:
broadside and end-fire antennas. In the first group, the direction of radiation
is perpendicular to the plane of the antenna, i.e. to the substrate the antenna
is printed onto. Examples of this type are the microstrip patch, dipole and
bowtie antenna. Conversely, end-fire antennas radiate along the plane of the
antenna [193]. This category includes quasi-yagi antennas [194] and Tapered
Slot Antennas (TSA). Examples of this last group depending on the aperture
profile are the Linearly Tapered Slot Antenna (LTSA), the (partially) Constant
Width Slot Antenna (CWSA) and the Vivaldi antenna, see Fig. 7.1.
The use of TSAs is interesting in those applications that require
Directivities over 10 dBi, beamwidths between 12◦ and 60◦ [195] and large
operating bandwidth. Therefore, these antennas are widely used in satellite
communication systems, remote sensors, automotive radars [196], UWB
systems [197], high capacity point-to-point radiolinks [198], radio telescopes for
radio-astronomy and millimetre and/or submillimetre imaging cameras [199].
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On the other side, the main advantages of Tapered Slot Antennas according
to [195], [197] and [200] are:
• They are more appropriate than dipoles, slots or microstrip patch
antennas in order to illuminate directly reflectors and lenses given their
narrower beamwidths and higher directivities.
• In spite of their planar geometry, TSAs can produce symmetrical beam
patterns.
• They have large bandwidth.
• The distance between elements within an array can be very small.
• They have low sensitivity to manufacturing errors at millimetre-wave
frequency.
At millimetre wave frequencies, specifically in the W-band, several Tapered
Slot Antennas have been designed and measured [201]- [204]. However, only
in [202] and [204] the designed LTSAs covered the full W-band. In order to
obtain this large bandwidth, the substrate had to be modified. The reason
for these modifications, which are motivated by the influence of the substrate,
will be explained in Section 7.3.1.
Within the TSAs, the Vivaldi antenna has been considered as the best
option to be use in our multiple-beam system. This is because this antenna
is smaller, has lower cross polarisation [205] and produces symmetrical beam
patterns and lower sidelobes than LTSA or CWSA. For these reasons, this
antenna has been designed for the W-band auto-calibrated receiver built in
planar technology. Nevertheless, its behaviour has been compared with a
LTSA.
7.3 Vivaldi antenna design
The aim of this Section is to design a Vivaldi antenna whose directivity is
higher than 10 dBi, its E- and H-plane beamwidths are narrower than 60◦ and
its sidelobe level is below −12.5 dB along the full W-band. These requirements
come from the need to integrate the receivers in an imaging system. For this
purpose, a study of the radiation performance of the exponential aperture
with respect to its main parameters such as the aperture size and rate has
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Figure 7.2 – Exponential aperture of the Vivaldi antenna.
been carried out. Moreover, the design of a suitable transition has been made
in order to provide broadband matching covering the full W-band. Finally,
the simulated results and the dimensions of the optimal W-band Vivaldi
antenna are shown in order to demonstrate that the design complies with
the requirements.
7.3.1 Vivaldi antenna aperture
The Vivaldi antenna was first proposed by Gibson in 1979 [206]. This antenna
belongs to the class of frequency independent radiators [193], [207] due to
its structure. It consists of a metal plate with a slotline whose width varies
progressively in an exponentially way. In this way, for a given wavelength,
only a fraction of the exponential slotline is efficiently radiating. Therefore,
if the wavelength is scaled by a factor of n, then the radiation will occur in a
section scaled by n.
The exponential tapering of the Vivaldi antenna is determined by the
following equations, where the two initial points, P1(x1,y1) and P2(x2,y2)
are defined in Fig. 7.2.
y = C1e
−Rx + C2 (7.1)
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C1 =
y2 − y1
e−Rx2 − e−Rx1 =
1
2
H − ws
e−RL − 1 (7.2)
C2 =
y1e
−Rx2 − y2e−Rx1
e−Rx2 − e−Rx1 =
1
2
wse
−RL −H
e−RL − 1 (7.3)
In these equations, L and H stand for the length and width at the end of
the aperture, respectively. In addition, ws corresponds to the initial width of
the aperture, the slotline. And finally, R is the aperture rate of the exponential
profile, which determines the gain, the beamwidths and the bandwidth of the
Vivaldi antenna aperture. In particular, if the aperture rate of the exponential
profile is equal to 0, the aperture profile will be linear, resulting in a Linear
Tapered Slot Antenna (LTSA).
7.3.2 Substrate selection
Despite its frequency independent behaviour, the main limitation of the TSA
comes from its sensitivity to the thickness and dielectric constant of the
substrate. Yngvensson et al. [193] established experimentally an accepted
range for good operation of these antennas based on the effective thickness,
i.e. teff . It represents the electrical thickness of the supporting substrate and
it is defined as
teff = t(
√
ǫr − 1) (7.4)
where t and ǫr stand for the thickness and the dielectric constant of the
substrate, respectively. The accepted range is 0.005 < teff/λ0 < 0.03, where
λ0 is the free space wavelength at the operating frequency.
This range comes from two reasons. On the one hand, for substrate
thickness above the upper bound, i.e. teff/λ0 > 0.03, unwanted substrate
modes can propagate and degrade the performance of the TSA. On the other
hand, antennas on thinner substrates can increase the beamwidth of the main
radiation lobe resulting in lower directivities.
Taking into account millimetre wave applications, the substrate has to
be rather thin in order to comply with the range proposed by Yngvensson,
specially when a substrate with high dielectric constant is considered, see
Fig. 7.3. Due to the fact that thin antennas can be fragile and they are
not practical in large arrays, several solutions have been proposed to extend
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Figure 7.3 – Accepted thickness range for different substrates at 110 GHz, the
highest frequency limit of the W-band.
the upper limit of this gap in order to obtain lower effective permittivity
of the supporting substrate. This leads to an increase of the allowable
substrate thickness. These proposed solutions consist of a partial removal
of the substrate [201], [208], incorporating a photonic bandgap structure into
the substrate [209], [203], considering a rectangular-grooved substrate [202],
or using an air cavity backing substrate [210].
However, if we consider a substrate with low permittivity, e.g. 2.2, these
solutions are not necessary at least in the W-band because of the availability
of commercial thin substrates. Moreover, dielectrics with low permittivity
usually improve the efficiency of the antenna and also its bandwidth. However,
their main drawback is that the slotline impedance will be higher and it
complicates the design of the antenna feeding system. This fact will be further
explained in Section 7.3.4.
As mentioned in Section 2.3.1, nowadays, the standard thinnest substrates,
which some manufacturers provide without increasing the fragility of the
antenna, are 100 µm and 127 µm. These commercial thicknesses allow the
consideration of dielectric constants below 3.3 and 2.7 respectively in order
to comply with the upper limit of the effective thickness covering the full
W-band, i.e teff/λ0 < 0.03, see Fig. 7.3. Note that in this Figure, the highest
frequency of the W-band has been considered because it defines the thinnest
feasible substrate thickness to obtain a good operation of the antenna in the
full W-band.
Table 7.1 shows the available commercial substrates which satisfy this
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Name ǫr t (mm) tan δ Manufacturer
TLY 2.17-2.20 0.127 0.0009 TACONIC [98]
(10 GHz) (10 GHz)
TLP 2.17-2.40 0.127 0.0009 TACONIC [98]
(10 GHz) (10 GHz)
TacLamPLUS 2.10 0.100 0.0008 TACONIC [98]
(50 GHz) (50 GHz)
DiClad880 2.17-2.20 0.127 0.0009 ARLON [99]
(10 GHz) (10 GHz)
CuClad217LX 2.17-2.20 0.127 0.0009 ARLON [99]
(10 GHz) (10 GHz)
NY9000 2.17-2.60 0.127 0.0009 NELCO [100]
(10 GHz) (10 GHz)
RT/Duroid 5880 2.20 0.127 0.0009 ROGERS [101]
(10 GHz) (10 GHz)
Table 7.1 – Available commercially substrates that comply with the upper limit
of the effective thickness range at W-band.
condition. As the antenna will be integrated on the same substrate of
the planar receiver thereby, only the substrates with lower losses, i.e.
tan δ < 0.001, of each manufacturer have been taken into account. Note that
this Table is similar to Table 2.1 shown Section 2.3.1. However, the substrate
RO3003 has been removed because it does not meet the effective thickness
requirement.
Any of the substrates shown in Table 7.1 is a good candidate for the
antenna. Therefore, the selected option has been Rogers RT/Duroid 5880
(RO5880) whose thickness is 127 µm, which is the same substrate used in the
design of the receiver. Moreover, the dielectric loss tangent of this substrate
has been set to 0.01 as experimentally demonstrated in Section 4.2.
7.3.3 Optimization of the aperture
Once the supporting substrate has been chosen, the design of the W-band
Vivaldi antenna can be carried out. For this purpose, three important antenna
parameters have been studied as a function of the dimensional parameters of
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Figure 7.4 – Peak directivity for different Vivaldi antennas of different sizes at
the central frequency of the band, i.e. 92.5 GHz.
the exponential aperture, i.e R, L and H. These three parameters under study
are the peak directivity, the Half Power Beanwidth (HPBW) and the Sidelobe
Level (SLL).
HPBW and SLL have been measured in the E- and H-plane of the radiation
pattern of the antenna. Taking into account Fig. 7.2, the E-plane corresponds
to the XY plane and the H-plane corresponds to the XZ plane.
Regarding the dimensions of the exponential aperture, a general
consideration has been proposed in [193] as a starting point of the Vivaldi
antenna design: the length L and the width H of the aperture ending have to
be larger than λ0 and λ0/2, respectively, in order to produce efficient radiation.
However, a preliminary study of the maximum affordable directivity of the
aperture depending on its dimensions has been carried out in order to obtain
a starting point for the length and the width of the aperture. In this study,
the length and the width of the aperture have been swept from 1λ0 to 7λ0
and from 1λ0 to 3.5λ0 respectively taking into account aperture rates from 0
(LTSA) to 0.3. Note that λ0 corresponds to the free space wavelength at the
center frequency of the W-band, i.e. 92.5 GHz.
With respect to the peak directivity at 92.5 GHz of each considered pair of
size and aperture rate of the antenna, Fig. 7.4, Vivaldi antennas can produce
the same directivity of a LTSA with smaller size. For any aperture rate,
directivity improvements are small from L > 2H. Therefore, the analysis of
the Vivaldi antenna has been carried out keeping constant the relation L = 2H.
Other important parameter of the exponential aperture is the width of
Chapter 7. Design and characterization of a W-band Vivaldi antenna 191
0 0.1 0.2 0.3 0.4 0.5 0.6
0
2
4
6
8
10
12
14
Aperture rate (R)
Pe
ak
 D
ire
ct
iv
ity
 (d
Bi)
 
 
L=1λ0
L=1.5λ0
L=2λ0
L=2.5λ0
L=3λ0
L=3.5λ0
(a) 75 GHz
0 0.1 0.2 0.3 0.4 0.5 0.6
0
2
4
6
8
10
12
14
Aperture rate (R)
Pe
ak
 D
ire
ct
iv
ity
 (d
Bi)
 
 
L=1λ0
L=1.5λ0
L=2λ0
L=2.5λ0
L=3λ0
L=3.5λ0
(b) 110 GHz
Figure 7.5 – Peak directivity of Vivaldi antennas of different sizes as a function
of the exponential aperture rate at a) 75 GHz and b) 110 GHz. The dashed line
corresponds to the minimum required directivity, i.e. 10 dBi.
the initial slotline, ws. The narrowest manufactured width by the laboratory
equipment, LPKF ProtoLaser 200, has been selected in order to obtain the
smallest feasible impedance. Having a low impedance in the slotline facilitates
the design of the antenna feeding. This value is ws = 0.05 mm, which
corresponds to a characteristic impedance Z0s = 129 Ω at 92.5 GHz [211].
The performed analysis taking into account the three figures of merit, i.e.
peak directivity, HPBW and SLL, determines the behaviour of the radiation of
the antenna depending on the aperture rate for each antenna size. In this study
several parameters have been fixed: the initial slotline, i.e. ws = 0.05 mm and
the ratio L = 2H. The considered ranges of the aperture rate and the length
of the antenna have been from R = 0 to R = 0.7 and from 1λ0 to 3.5λ0
respectively.
7.3.3.1 Peak directivity
First of all, the peak directivity of the antenna aperture at the frequency
limits of the W-band is shown in Fig. 7.5. Note that R = 0 is also added in
these plots in order to compare the behaviour of an exponential aperture with
respect to a linear taper.
Some conclusions can be drawn based on this Figure:
• For a required directivity, a Vivaldi antenna (R > 0) shorter than a
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LTSA (R = 0) can be always found. For example, at 75 GHz, in order
to obtain 10 dBi of directivity, the needed LTSA has approximately a
length between 3λ0 and 3.5λ0, however, this directivity can be achieved
with a Vivaldi antenna whose length is 2λ0 and its aperture rate is 0.4.
• For any given Vivaldi antenna length, there is an optimum aperture rate
which maximises the directivity.
• A Vivaldi antenna larger than 2λ0 is required in order to satisfy the
directivity requirement along the entire W-band.
One remarkable point is the fact that at the highest frequency, see
Fig. 7.5 b), the directivity of the Vivaldi aperture for every antenna size
decreases as the aperture rate increases because of the increase of the sidelobes
level as will be explained later on.
7.3.3.2 Half Power Beamwidth (HPBW)
Fig. 7.6 shows the Half Power Beamwidth of the E- and H-plane of the
radiation pattern for each antenna size depending on the aperture rate at
the lowest and highest frequency of the W-band respectively, i.e. 75 GHz and
110 GHz. As expected, given the larger directivity, the beamwidth in both
antenna planes is narrower at the highest frequency. As can be seen in these
Figures, the H-plane is more sensitive to changes in the antenna size and it
is always broader than the E-plane beamwidth. Moreover, the beamwidth
in both planes becomes narrower as the antenna length increases for every
aperture rate. The main advantage of the Vivaldi antenna with respect to the
LTSA is that the radiation pattern is more symmetrical, which is important
for being used as a pixel in a multiple-beam system.
In order to comply with the HPBW requirement, i.e. HPBW< 60◦, the
two feasible smaller Vivaldi antenna lengths are L = 2.5λ0 and L = 3λ0 whose
aperture rates have to be R > 0.7 and R > 0.3 respectively.
In general, the beamwidth of the main lobe provided by the LTSA (R = 0)
is broader than the beamwidth of a Vivaldi antenna in both planes. Moreover,
LTSAs larger than 3.5λ0 have to be considered in order to comply with the
required HPBW.
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Figure 7.6 – Half Power Beamwidth of the radiation pattern of Vivaldi antennas
of different sizes as a function of the exponential aperture rate for the a) E-plane
and b) H-plane at 75 GHz, and also for the c) E-plane and d) H-plane at 110 GHz.
The dashed line corresponds to the maximum required HPBW, i.e. 60◦.
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Figure 7.7 – Sidelobe Level (SLL) of the radiation pattern for Vivaldi antennas
of different sizes as a function of the exponential aperture rate for a) E-plane and
b) H-plane at 75 GHz and also, for c) E-plane and d) H-plane at 110 GHz. The
dashed line corresponds to the maximum required SLL, i.e. −12.5 dB.
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D > 10 dBi HPBW < 60◦ SLL < −12.5 dB
L = 2λ0 − L = 2λ0 and R 6 0.3
L = 2.5λ0 L = 2.5λ0 and R > 0.7 L = 2.5λ0 and R < 0.4
L = 3λ0 L = 3λ0 and R > 0.3 L = 3λ0 and R 6 0.3
L = 3.5λ0 and R < 0.7 L = 3.5λ0 and R > 0.1 L = 3.5λ0 and R 6 0.3
Table 7.2 – A summary of the Vivaldi antenna aperture size and aperture rate
that comply with each design requirement.
7.3.3.3 SideLobe Level (SLL)
Finally, the analysis of the behaviour of the sidelobe level of the radiation
pattern of the exponential aperture with respect to changes in the antenna
size and the aperture rate has been carried out. The sidelobe level of the
E- and H-plane radiation pattern of the antenna at the lowest and highest
frequency of the W-band, i.e. 75 GHz and 110 GHz, can be seen in Fig. 7.7.
At the highest frequency, the sidelobe level increases whereas the HPBW is
narrower. Following the comparison between Vivaldi antenna and LTSAs, the
beamwidth of the main lobe of the radiation pattern of a LTSA is broader,
thereby, the sidelobe levels of both planes are the lowest.
As we said before, the directivity of the Vivaldi antenna at higher frequency
decreases as the aperture rate increases because of the increase of the sidelobe
level. This effect can be seen more clearly in these Figures. For example, a
2λ0 long Vivaldi antenna undergoes a significant decrease of its directivity at
110 GHz when the aperture rate is higher than 0.3. Paying attention to the
red line in Fig. 7.7 c), the SLL of the E-plane exceeds the value of −12.5 dB
when this antenna size has higher aperture rate than 0.3.
Evaluating this parameter in both radiation planes, the antenna sizes which
comply with the requirement (SLL < −12.5 dB) are L = 2λ0 with R 6 0.3,
L = 2.5λ0 with R < 0.4, L = 3λ0 with R 6 0.3 and L = 3.5λ0 with R 6 0.3.
A summary of the Vivaldi aperture size and aperture rate that comply
with each requirement can be found in Table 7.2. Therefore, the smallest size
of a Vivaldi antenna aperture which meets the design requirements is L = 3λ0,
H = 1.5λ0 with R = 0.3.
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Figure 7.8 – Simulated reflection coefficient for the Vivaldi antenna whose
dimensions are L = 3λ0, H = 1.5λ0 and R = 0.3.
7.3.4 Antenna feeding system
A Vivaldi antenna aperture with these dimensions has broadband matching
covering the full W-band as can be seen in Fig. 7.8. However, the main
drawback of using Vivaldi antennas comes from the fact that the design of
a suitable feeding system is essential to maximise the operating bandwidth.
This is because, according to [212], the feeding system determines the upper
limit of the bandwidth of the antenna whereas the aperture size determines
the lowest frequency limit.
The more usual feeding techniques for Vivaldi antennas are a coaxial
cable soldered at the end of the slotline [207] or coupling the signal to the
slotline through a microstrip circuit [198]. Although this first feeding technique
provides larger operating bandwidth, the design of a wideband balun is not
an easy task. For example, the use of a double-Y balun [207] produces an
ideally infinite matching bandwidth but its main drawbacks are the number
of air bridges across the coplanar line required to suppress its odd mode of
propagation and also, their critical positions. Moreover, this kind of feeding
is suitable when the characteristic impedance of the slotline is approximately
75 Ω. Good results have been obtained with this transition at frequencies
around 4 GHz [207]. However, the impedance in the 0.05 mm width slotline
is 129 Ω. Therefore, in terms of matching an impedance above 75 Ω the best
option is to design a microstrip to slotline transition whose challenge is to
obtain a broadband matching. Moreover, the microstrip to slotline transition
is suitable for higher frequency, for example at 60 GHz [213]. In addition, this
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(a) (b) (c)
Figure 7.9 – Microstrip to slotline transitions proposed by a) Knorr [214],
b) Schu¨ppert [215] and c) Zinieris [216]. Solid lines corresponds to the microstrip
line and dashed lines corresponds to the slotline.
transition facilitates the integration of the antenna and the planar receiver
built in microstrip technology on the same substrate. And finally, it is a
compact and easy to manufacture solution with low losses.
The simplest microstrip to slotline transition is a wideband transition
proposed by Knorr [214]. The slotline, which is etched on one side of the
substrate, is crossed at a right angle by a microstrip line on the opposite
side. The slotline extends a quarter wavelength beyond the microstrip and the
microstrip line extends a quarter wavelength beyond the slotline as can be seen
in Fig. 7.9 a). Due to this quarter-wave transformation the microstrip open
circuit stub appears as a short circuit while the slotline short circuit appears as
an open circuit at the crossing reference plane. After that, some modifications
in the stubs has been proposed in order to improve the bandwidth of this
transition. For example, Schu¨ppert [215] proposed the introduction of circular
stubs, see Fig. 7.9 b). Moreover, [216] used radial stubs instead of circular or
straight ones both in the microstrip and in the slotline ending, see Fig. 7.9 c).
This solution exhibits broader bandwidth than straight and circular ones and
alleviates the problem of overlapping the microstrip and slotline tunning stubs.
Such overlapping generally disturbs the effectiveness of the microstrip ground
plane. This last transition has been successfully implemented as a feeding
system in a Vivaldi antenna obtaining a bandwidth from 2.5 GHz to 10.6 GHz
in [217].
Although transitions using these techniques have broadband characteristics,
their insertion loss typically increases gradually as frequency increases. And
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Figure 7.10 – Microstrip to slotline transitions proposed in [218].
this insertion loss is partly caused by the change in the slotline characteristic
impedance with frequency and the slotline radiation loss. The microstrip to
slotline transitions designed in all of these articles are wideband because the
implementation of narrow slots, which result in lower slotline impedances from
50 Ω to 80 Ω, has been feasible. However, when higher slotline impedances
are considered, the introduction of some impedance matching technique is
required.
Recently, in order to reduce radiation losses in the microstrip to slotline
transition, the use of a slotline stepped impedance circular ring termination
has been reported in [218], see Fig. 7.10. This technique is useful to reduce
the insertion losses in the transition and it is capable of matching to 50 Ω the
slotline characteristic impedance of 91 Ω. However, it also increases the design
complexity of the transition.
A simpler design, which reduces also the insertion losses up to 1 dB at
10 GHz, was proposed in [219]. This transition is an improved version of [216]
that consists of a microstrip Chebyshev multisection matching transformer
and a right-angle crossing of a microstrip radial stub and a slot radial stub.
The radiation loss is decreased by employing a extremely large angle slot
radial stub, see Fig. 7.11. The slotline characteristic impedance in this case is
108 Ω; therefore, it is a suitable microstrip to slotline transition for the Vivaldi
antenna due to its simple design, broadband performance and capability of
matching higher slotline characteristic impedance.
The geometry of the designed microstrip to slotline transition as the feeding
system of the W-band Vivaldi antenna is shown in Fig. 7.12. The slotline and
the slot radial stub are in the ground plane of the antenna. The microstrip
line and the microstrip Chebyshev multisection matching transformer are at
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Figure 7.11 – Microstrip to slotline transitions proposed in [219].
the opposite side of the substrate in the microstrip line.
The transition is built on the same substrate of the exponential aperture,
i.e. 127 µm thick Rogers RT/Duroid 5880. Thereby, the width of the 50 Ω
microstrip line is wm = 0.4 mm. With the slotline width ws = 0.05 mm, its
impedance is Z0s = 129 Ω at 92.5 GHz. In order to match this Z0s to 50 Ω,
a three-section Chebyshev transformer (ripple level Γ = 0.05) with section
impedances of 104, 81 and 62 Ω is required [102]. Therefore, the width of each
microstrip Chebyshev section corresponds to w1 = 0.11 mm, w2 = 0.2 mm and
w3 = 0.32 mm. The dimensions of the radial stubs are rm = λm/4 = 0.55 mm
and rs = λs/4 = 0.58 mm, where λm and λs are the guided wavelengths of
the microstrip line and the slotline at the center frequency, respectively.
After a parametric study of the transition using the commercial full-wave
electromagnetic simulator Ansys HFSS, the optimum design parameters were
set as follows: lcheb = 0.6 mm, θs = 160
◦ and θm = 75◦. Moreover, a 90◦
bend in the 50 Ω microstrip line has been optimized in order to facilitate the
integration of the antenna with the receiver, to allow the implementation of a
future array and not to penalise the reflection and transmission coefficients of
the transition.
The simulated S-parameters of the optimal microstrip to slotline transition
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Figure 7.12 – Geometry of the designed microstrip to slotline transition of the
W-band Vivaldi antenna and its parameters.
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Figure 7.13 – Simulated S-parameters for the optimal microstrip-to-slotline
transition.
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Figure 7.14 – The designed W-band Vivaldi antenna.
can be seen in Fig. 7.13. The insertion losses are around 2.7 dB along the full
W-band. A small part of these losses are related to the dielectric loss tangent
of the used substrate at this operating frequency. As was demonstrated in
Section 4.2, the dielectric loss tangent of the 127 µm thick RO5880 substrate
is approximately 0.01 at W-band. Therefore, this value has been used in the
simulations. The rest of the losses corresponds to radiation.
The length of the 50 Ω microstrip line included in the transition is 1.8 mm,
thereby the theoretical insertion losses produced by this line are 0.18 dB [102].
Therefore, the insertion losses in the microstrip to slotline transition are
around 2.5 dB along the entire W-band.
Regarding the reflection coefficient, the transition is matched in the full
W-band with S11 6 −14 dB, see Fig. 7.13.
7.3.5 Simulation results
The resulting W-band Vivaldi antenna which consists of the optimized
exponential aperture and the microstrip to slotline transition can be seen in
Fig. 7.14. The darker grey area corresponds to the microstrip line and the
pale grey area corresponds to the ground plane of the antenna which contains
the exponential aperture and the slot radial stub.
A summary of the dimensions of the designed Vivaldi antenna at W-band
can be found in Table 7.3. The parameters of the exponential aperture
and of the microstrip-to-slotline transition of the antenna are defined in
Fig. 7.2 and 7.12 respectively.
The most important antenna parameters are shown in the following
Figures. Firstly, the reflection coefficient of the antenna is shown in Fig. 7.15 a)
in which matching along the entire W-band is ensured. As can be seen the
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Table 7.3 – Dimensions (mm) of the designed Vivaldi antenna at W-band.
t L H R ws wm w1
0.127 9.72 4.86 0.3 0.05 0.4 0.11
w2 w3 rm rs θm θs lcheb
0.2 0.32 0.55 0.58 75◦ 160◦ 0.6
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Figure 7.15 – a) Simulated reflection coefficient and b) simulated peak
directivity and gain of the designed Vivaldi antenna according to the frequency.
exponential aperture has a slight effect on the reflection coefficient of the
microstrip to slotline transtion.
Fig. 7.15 b) shows the peak directivity and gain of the designed antenna
depending on the frequency. Directivities above 10 dBi are ensured along the
entire W-band. The lowest directivity of the antenna is 10.54 dBi at the lowest
frequency of the band, i.e. 75 GHz. As expected, the directivity increases with
frequency up to a value of 12.38 dBi at the highest frequency, i.e. 110 GHz.
However, gains above 10 dB are obtained in a narrower bandwidth due to the
losses of the used substrate, i.e. from 80 to 105 GHz.
With respect to the radiation pattern of the W-band Vivaldi antenna, the
normalised E- and H-plane can be seen in Fig. 7.16. Moreover, their crosspolar
components have been included in Fig. 7.17. Note that, as expected, the
beamwidths of the main lobe in both planes are narrower as the frequency
increases; this effect can be seen more clearly in Fig. 7.18 a) where the HPBW
of both planes is depicted. Moreover, the beamwidth of the radiation pattern
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Figure 7.16 – Normalised radiation pattern of the designed W-band Vivaldi
antenna at a) 75 GHz and b) 110 GHz. Black and blue lines correspond to
E-plane and H-plane respectively.
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Figure 7.17 – Radiation pattern of the designed W-band Vivaldi antenna at
a) 75 GHz and b) 110 GHz. Copolar and crosspolar components of the E- and
H-plane are included.
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Figure 7.18 – Frequency dependence of the a) HPBW (◦) and b) SLL (dB)
of the E- and H-plane of the radiation pattern of the designed W-band Vivaldi
antenna. The dashed line in b) corresponds to the maximum allowed SLL.
at the H-plane is broader than the E-plane beamwidth, as it was showed in
Section 7.3.1.
Finally, the SLL of the radiation pattern of the designed W-band Vivaldi
antenna taking into account the E- and H-planes has been depicted in
Fig. 7.18 b). As can be seen, the SLL of both planes is below the required
−12.5 dB.
Therefore, the designed W-band Vivaldi antenna meets the requirements
of a planar antenna suitable to be integrated with a planar W-band auto-
calibrated receiver on the same substrate.
7.4 Vivaldi antenna array
After the design of a single element of a Vivaldi antenna obtaining good
expected radiation performance, the coupling between two elements in a linear
array has been simulated in this Section. A picture of a 1 x 2 Vivaldi antenna
array is shown in Fig. 7.19.
In the design of the single element, the optimum width of the aperture
was 1.5λ0. Therefore, the minimum separation between two antennas,
i.e. d, should be larger or even equal to the width of the aperture, i.e.
1.5λ0 = 4.86 mm.
The results of the analysis shown that the coupling between two Vivaldi
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Figure 7.19 – Array of two designed Vivaldi antennas.
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Figure 7.20 – Simulated S parameter of the array of two designed Vivaldi
antennas.
antennas separated by the minimum feasible distance, i.e. d = 4.86 mm, is
almost negligible because it is below −35 dB along the entire W-band, see the
transmission coefficient in Fig. 7.20. Moreover, the matching of each single
element is slightly affected by the interaction between these two elements,
keeping it below −10 dB in the full W-band.
7.5 Experimental validation of the antenna
Once the design of the W-band Vivaldi antenna has been presented, a
prototype has been manufactured and measured in order to validate the
simulation results.
The characterization of the antenna has been accomplished by measuring
reflection coefficient, radiation pattern and peak gain at W-band. These
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(a) (b)
Figure 7.21 – Prototype of the manufactured W-band Vivaldi antenna;
a) microstrip view and b) aperture view.
measurements have been carried out with waveguide based equipment.
Therefore, the designed WR10 waveguide to microstrip transition, which was
presented in Section 4.3, is needed to characterize the W-band Vivaldi antenna.
The W-band Vivaldi antenna has been manufactured on 127 µm thick
RO5880 substrate in the ProtoLaser 200 machine. As can be seen on
Fig. 7.21 a), the microstrip part of the antenna is printed on one side of
the substrate. This part includes the microstrip section required to match
the WR10 waveguide to microstrip transition, a 50 Ω microstrip line, which
has been bent to centre the aperture of the antenna in the same axis of
the waveguide, and the microstrip to slotline transition required to feed the
antenna. The exponential aperture and the slotline of the antenna are on the
other side of the substrate, shown in Fig. 7.21 b). The ground plane has been
extended to the sides of the substrate to ensure the ground contact between
the microstrip and the metal block of the WR10 waveguide to microstrip
transition.
Regarding the WR10 waveguide to microstrip transition, a new prototype
has been designed and manufactured with the same method as in the previous
prototype due to its good performance. Fig. 7.22 shows the prototype of the
transition assembled with the W-band Vivaldi antenna. Note that the aperture
of the antenna is centred in the metal block of the transition. Moreover, four
metal screws and two dowel pins ensure the placement and the flatness of the
antenna, which facilitates the alignment of the measurements.
The manufactured prototype, which consists of the WR10 waveguide to
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(a) (b)
Figure 7.22 – The designed WR10 waveguide to microstrip transition with the
W-band Vivaldi antenna; a) Top view and b) bottom view.
microstrip transition and the W-band Vivaldi antenna, has been measured
using an Agilent PNA-X Network Analyser connected to VDI VNA Extenders
at W-band available at the Antenna Group of the Public University of Navarra.
The measured S11 parameter compared with the simulation is depicted
in Fig. 7.23. Fig. 7.23 a) shows the comparison between measurement
and simulation directly obtained by the Analyser, i.e. taking into account
the WR10 waveguide to microstrip transition assembled with the antenna.
The measured reflection coefficient is higher than we expected but it was
below −10 dB. If a suitable time gating is applied to this measurement,
the effect of the WR10 waveguide to microstrip transition can be removed
and the reflection coefficient of the antenna can be obtained. The resulting
S11 parameter of the antenna compared with its simulation can be seen in
Fig. 7.23 b). Good agreement between measurement and simulation has been
obtained. It demonstrates that the Vivaldi antenna is matched along the entire
W-band.
The set-up configuration used to characterize the antenna in terms of
radiation pattern is shown in Fig. 7.24. It corresponds to a near field antenna
measurement set-up at W-band. On the one hand, an open-ended waveguide
is placed in a XY positioner in order to be able to scan a plane. Absorbing
material is placed at the back of the open-ended waveguide to remove undesired
reflections. On the other hand, the manufacture prototype is fixed in the
centre of the desired scan plane. The main beam of the radiation pattern of
the antenna is broad, therefore, the scan plane has to be large in order to avoid
truncation effects. For this reason, the distance between the prototype and
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Figure 7.23 – Comparison between the simulated and measured reflection
coefficient of the W-band Vivaldi antenna taking into account the WR10
waveguide to microstrip transition with the Vivaldi antenna a) without applying
any gating and b) with a time gating which excludes the WR10 waveguide to
microstrip transition.
the open-ended waveguide must be as small as possible but within the near
field region. The selected distance has been 7.5 mm and thereby, the size of
the scan plane is 720 mm x 720 mm. The data samples are taken every 1 mm
verifying the Nyquist sampling criterion. Note that the open-ended waveguide
must be rotated 90 degrees to align the electric fields of the antenna and the
open-ended waveguide.
The measured amplitude and phase of the copolar near field of the W-
band Vivaldi antenna in the measurement plane are depicted in Fig. 7.25. The
shown frequencies are 75, 92.5 and 110 GHz. In these Figures, the maximum
of the field distribution is easily distinguishable and it is appreciated that it
is slightly deviated of the center of the scan plane. These data have been
processed to obtain the radiation patterns of the antenna at W-band. In
particular, the measured E- and H-plane of the W-band Vivaldi antenna at
75, 92.5 and 110 GHz have been compared with the simulations, see Fig. 7.26.
Good agreement between measurements and simulations has been obtained.
Finally, the antenna gain has been characterized. The gain comparison
method has been used, with a standard gain horn antenna as a reference
antenna. The transmission coefficient of two standard horn antennas separated
by a certain distance in the far field region has been used as reference. Then,
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Figure 7.24 – Set-up of the radiation pattern measurement of the W-band
Vivaldi antenna.
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(a) 75 GHz (b) 75 GHz
(c) 92.5 GHz (d) 92.5 GHz
(e) 110 GHz (f) 110 GHz
Figure 7.25 – Normalized measured planar near field copolar amplitude at
a) 75 GHz, c) 92.5 GHz and e) 110 GHz. Measured planar near field copolar
phase at b) 75 GHz, d) 92.5 GHz and f) 110 GHz.
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Figure 7.26 – Comparison between measurement and simulation of the E-plane
and H-plane of the W-band Vivaldi antenna; a) E-plane 75 GHz, b) H-plane
75 GHz, c) E-plane 92.5 GHz, d) H-plane 92.5 GHz, e) E-plane 110 GHz and
f) H-plane 110 GHz.
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Figure 7.27 – Comparison between the simulated and measured peak gain of
the W-band Vivaldi antenna.
a Vivaldi antenna is placed instead of one of these standard horn antennas
and the transmission coefficient is measured. Taking into account this last
measurement, the peak gain of the W-band Vivaldi antenna is the difference
between this transmission coefficient and the peak gain of the standard horn
antenna at W-band. This result is shown in Fig. 7.27. As can be seen, the
expected peak gain is close to the measurement.
It has been demonstrated that the designed W-band Vivaldi antenna works
properly along the entire W-band in terms of reflection coefficient, radiation
pattern and peak gain. Therefore, the use of this planar antennas can be a
good alternative to replace horn antennas in a multiple-beam imaging system.
In this way, compact and light systems are provided.
7.6 Conclusions
In this Chapter, a Vivaldi antenna compatible with the proposed receiver
configuration with broadband performance has been designed, manufactured
and measured. This is an interesting alternative in order to reduce the size
and weight of the receivers. Moreover, the integration of the W-band auto-
calibrated receiver and the planar antenna on the same substrate provides a
compact and easy to manufacture receiver. In addition, this facilitates the
implementation of a multiple pixel imaging system. The antenna consists of
an exponential aperture and a broadband slotline to microstrip transition.
The broadband slotline to microstrip transition has been designed to have
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return losses larger than 10 dB in the full W-band. The characterization of
the W-band Vivaldi antenna shows good agreement with the predictions.

Chapter 8
Conclusions and guidelines
for future research
This Chapter summarizes the main results obtained in this Thesis. Some
guidelines for future research are also given.
8.1 Conclusions
In this dissertation, the design, fabrication, assembly and characterization of a
W-band auto-calibrated receiver have been carried out. The main advantage of
this receiver is its balanced structure which performs the internal calibration
of the system. This calibration minimizes the effect of receiver instabilities
which strongly penalize the sensitivity of a total power receiver. Moreover,
this configuration improves the sensitivity by a factor of
√
2 with respect
to other calibrated configurations such as Dicke receivers. Other advantages
of this proposed receiver are its planar structure and that it is based on a
direct detection scheme. On the one hand, its planar structure facilitates the
assembly, the integration of the MMIC components and the realization of its
required connections by gold wire bonging. Moreover, a planar antenna could
be also built on the same substrate. Consequently, the receiver could be more
compact and lighter than waveguide based receivers. On the other hand, a
direct detection scheme makes it simpler extending the number of receivers
for imaging applications. In addition, it uses commercially available low loss
dielectric substrates and W-band MMIC devices such as Low Noise Amplifiers
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(LNA) and detector diodes.
In Chapter 2, the theoretical analysis of the differential configuration of
the W-band auto-calibrated receiver was carried out. With this analysis,
the two main advantages of this configuration were demonstrated. Firstly,
its capability to separate the input and reference signals and to perform
the internal calibration of the system. And secondly, the reduction of the
effect of gain and noise fluctuations since their contribution in both the
amplified signals are equal. Therefore, their effects are removed by including a
subtracting operation in the post-detection stage of the receiver. Afterwards,
taking into account the planar structure of the W-band auto-calibrated
receiver, a low loss dielectric substrate required to minimize the dielectric
losses was selected in this Chapter. This was important because some receiver
components such as the WR10 waveguide to microstrip transition and the
two quadrature hybrid couplers were built on this substrate. Their dielectric
losses increased the system noise temperature and penalized the sensitivity of
the receiver. Moreover, the designs of these microstrip components and the
selection of the suitable MMIC devices such as low noise amplifier, attenuator
and detectors were presented.
Chapter 3 reported the analysis of the receiver performance using the SW
package Advanced Design System (ADS) by Keysight Technologies. This
analysis was carried out along the entire W-band. Firstly, the mentioned
advantages of the receiver configuration, i.e. the reduction of the gain and
noise imbalance effect of the amplifiers and the internal calibration of the
system, were demonstrated by means of an AC simulation taken into account
ideal components. Next, the effect of each microstrip component and MMIC
device was discussed by simulation in terms of its impact on the noise figure,
noise temperature, gain and reflection coefficient. As Friis equation shows, the
components which mainly contribute to the noise of the receiver were its first
components, i.e. the WR10 waveguide to microstrip transition and the first
quadrature hybrid and its input lines. It is therefore important to minimize
these losses by using a low loss tangent substrate. It was demonstrated that
the most critical part on the receiver performance was the length of the gold
wire bondings since standing waves were created due to reflections in the
wire junctions. Specifically, lengths above 0.20 mm drastically increased the
receiver noise temperature, which implied a loss of sensitivity. Furthermore,
these bondwires also deteriorated the input return losses and the gain of
the receiver. In conclusion, the length of the bondwires had to be carefully
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considered in the assembly of the components of the W-band auto-calibrated
receiver to obtain high sensitivity.
Chapter 4 presented the fabrication and characterization of the planar
components of the W-band auto-calibrated receiver. The microstrip
components were built on 0.127 mm thick RO5880 substrate. The dielectric
constant and loss tangent of this substrate was measured by the manufacturer
only at 10 GHz. Therefore, first of all, the characterization of this substrate in
the W-band was indispensable in order to compare the simulation performance
of these microstrip components with their experimental results. Two different
set-ups were taken into account to measure the transmission coefficient
through a thin sample of these materials: one based on lenses and other
one based on mirrors. The experimental results confirmed that the set-
up based on lenses was able to obtain better results thanks to its accurate
alignment and narrower beam waist. In conclusion, the retrieved dielectric
constant and loss tangent of 0.127 mm thick RO5880 substrate at W-band
were found to be 2.22 and 0.01 respectively. It is worth noticing that
the losses are one order of magnitude higher than the value given by the
manufacturer at 10 GHz. Then, in order to characterize the microstrip
components of the receiver with waveguide based measurement equipment,
the design, manufacture and validation of a novel inline WR10 waveguide to
microstrip transition which covers the full W-band were also shown in this
Chapter. Next, the characterization of the quadrature hybrid coupler and the
MMIC attenuator were carried out with this transition. The experimental
results verified their expected performances.
In Chapter 5, the design of the cavity which packages the planar structure
of the W-band auto-calibrated receiver was presented. This cavity used an
innovative solution in order to prevent resonances which degrade the receiver
performance. The propagation of parallel-plate modes was blocked within a
certain frequency band (stop-band) by means of a periodic structure placed
in the top ground plate of this cavity. In particular, the selected periodic
structure was based on a square pin surface. For the first time, a deep
understanding of the behaviour of its modes and the influence of the different
parameters on its performance were shown in this Chapter. Besides, as
a result of the acquired knowledge in the complete parametric study, the
design guidelines of this pin surface were defined in order to create a certain
stop-band. Moreover, a prototype was manufactured and assembled and the
removal of the propagation of cavity modes was demonstrated experimentally.
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At that point, the design of the last components of the W-band auto-calibrated
receiver was carried out, i.e. the DC circuit and the packaging aluminium
block which will contain all the components. The DC circuit consisted of two
blocks: the circuit of the amplifiers and the DC output amplification circuit.
Finally, the packaging metal block of the W-band auto-calibrated receiver was
designed considering the implementation of both square and pyramidal arrays
of receivers.
Chapter 6 presented the fabrication and assembly of both the packaging
metal block and the microstrip part of the receiver. Once it was done, the
gold wire bondings and the biasing of the amplifiers were carried out. This
bias was adjusted to 35 mA drain current, as the manufacturer recommended.
Finally, the complete W-band auto-calibrated receiver was characterized in
terms of input reflection coefficient, dynamic range, RF-DC response and
effective bandwidth. Moreover, the measurement of the dynamic range of the
W-band auto-calibrated receiver in its output reference signal verified that
the balanced structure of the receiver worked as expected and it was able to
perform the internal calibration of the system. Although the measurement of
its input reflection coefficient confirmed that the amplifiers were amplifying,
the dynamic range of the receiver showed that the receiver gain was not as high
as expected. Indeed, the reduction of receiver gain was between 10 and 23 dB.
As explained in this Chapter, some problems contributed to this reduction
of receiver gain. Firstly, the added dielectric losses in the microstrip part of
the receiver increase the receiver noise and reduce its sensitivity. The use
of a lower loss substrate such as COC polymer could be an improvement.
Indeed, simulations show that the receiver dielectric losses would decrease in
at least 7 dB if COC polymer was used and the gold wire bondings were
shortened. However, the reduction of the receiver gain was found to be
mainly produced by the fact that the amplifiers were not working at their
optimum operating point as it was demonstrated experimentally. Certainly,
better results would have been obtained if other bias point had been used. An
increase of at least 16 dB in the receiver gain at 93 GHz was confirmed by
analysing the differences between the dynamic range of the receiver taking into
account two drain currents, i.e. the optimum experimental value (20 mA) and
the value recommended by the manufacturer (35 mA). This implied that the
performance of the amplifiers of the W-band auto-calibrated receiver were not
optimum in the measurements. Therefore, readjusting the drain current of the
amplifiers would be required in order to accomplish the expected performance
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of the receiver. However, the W-band auto-calibrated receiver can not be
characterized taking into account the commented improvements because no
MMIC amplifiers are now available.
Finally, in Chapter 7, a Vivaldi antenna compatible with the proposed re-
ceiver configuration with broadband performance was designed, manufactured
and measured. This is an interesting alternative in order to reduce the size
and weight of the receivers. Moreover, the integration of the W-band auto-
calibrated receiver and the planar antenna on the same substrate provides a
compact and easy to manufacture receiver. In addition, this facilitates the im-
plementation of a multiple pixel imaging system. The antenna consisted of an
exponential aperture and a broadband slotline to microstrip transition. The
broadband slotline to microstrip transition was designed to have return losses
larger than 10 dB in the full W-band. The characterization of the W-band
Vivaldi antenna shown good agreement with the predictions.
8.2 Guidelines for future research
Given the limited time available for this Thesis, there are some open issues
that should be explored in order to complete the work carried out. First, the
results shown in Chapter 6 proved that the dynamic range of the receiver was
not enough since the amplifiers were not operating in their optimum point. For
this reason, the first line of future research would be to evaluate this bias issue.
In addition, the losses of the circuit could be improved if shorter bondings and
a COC substrate were used. In this last case the bonding procedure should
be optimized.
The following topic for future research would be checking the performance
of the W-band auto-calibrated receiver working as an imaging receiver at
W-band. This could be carried out obtaining different images in which the
receiver should be able to detect, for instance, metals or ceramic materials. In
addition, it would be interesting to give a comparison between the performance
of the W-band auto-calibrated receiver and a commercial total power receiver,
e.g. those commercialised by MMIC Solutions [97]. This is essential to
confirm the mentioned advantages of this proposed configuration taking into
account the effect of gain and noise fluctuations of the amplifiers. Moreover, a
comparison between the performance of the W-band auto-calibrated receiver
when it is connected to a standard horn antenna and to the designed W-band
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Vivaldi antenna, which was validated in Chapter 7, would be also interesting.
The implementation of an array of W-band auto-calibrated receivers would
be the next guideline for future research. Moreover, the array would have to be
placed in Alfa imaging’s imager. This is based on a Cassegrain configuration
suitable to take outdoor images using an array of W-band auto-calibrated
receivers.
Finally, in order to reduce the losses, novel implementations based e.g. on
gap waveguide could be used. The integration of the MMICs on this type of
waveguide is not evident and should be explored.
Appendices
221

Appendix A
Datasheets of the MMIC devices
The aim of this Appendix is to include the datasheets of the commercial MMIC
devices selected for being part of the W-band auto-calibrated receiver. These
components are the LN4-110 low noise amplifiers, the V1A detector diodes
and the TGL4201-10 attenuator. The manufacturer of both amplifier and
detector is HRL Laboratories [144] whereas the attenuator is commercialised
by TriQuint Semiconductor [138].
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Appendix B
Dimensions of the packaging metal
block of the W-band
auto-calibrated receiver
This Appendix shows the dimensions of the packaging metal block of the W-
band auto-calibrated receiver. This packaging aluminium block has been split
along the E-plane of its input WR10 waveguide. As a result, it consists of two
blocks, i.e. the top and bottom blocks, and a cover. The total dimensions of
the packaging are 130.5 mm length and 19.05 mm width and height. All the
dowel pins have a diameter of 1.6 mm and a length of 8 mm and the screws
are M2 with different lengths, i.e. eight screws of 12 mm and four of 6 mm.
The shorter ones are those placed inside the cavity of the DC circuit. With
respect to the flange is a standard WR10 flange whose width is 19.05 mm.
It consists of the WR10 waveguide which has four 4-40 UNC-2B screws and
four dowel pins. The dimensions of the cover are 100.63 mm length, 15.98 mm
width and 2 mm thick.
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Figure B.1 – Views and dimensions (mm) of the top metal block of the packaging
aluminium block.
244
Figure B.2 – Views and dimensions (mm) of the bottom metal block of the
packaging aluminium block.
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